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Introduction

Satellite communications have become an integral part of our modern world, revo-

lutionizing the way we connect, share information, and access services on a global

scale. The ubiquity of satellite in contemporary society is evident in their multifaceted

applications, including telecommunications, remote sensing, localization, navigation

and beyond. Satellite networks have also been fully integrated in the 5G infrastruc-

ture, to complement and extend the terrestrial network. The introduction of non-

terrestrial networks (NTNs), of which satellite communications is an essential part,

into 5G, will ensure higher connectivity and provide internet access also to parts of

the planet that are unserved or underserved by the terrestrial segment of the global

communication system, such as islands or polar regions, as well as to ships and planes

located far from the coastlines. The work presented in this thesis is focused on the

design of novel algorithms for synchronization and parameter estimation in satellite

communications. In each chapter, we will focus the attention on different aspects and

channel impairments that can affect the received signal, proposing new solutions that

can be easily adopted in different communication standards.

In Chapter 1, we first introduce the architecture of the second generation of the

digital video broadcasting for satellite (DVB-S2X), as it will be used as reference

scenario in this thesis. This chapter serves as a background to describe the general

case study in which we will apply our solutions in the next chapters. However, the

solutions and results presented in each chapter can be generalized and applied to other

communication standards and applications.

In Chapter 2, we address the problem of the decoding of the physical layer header
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(PLH), proposing and comparing novel strategies that can be easily applied into the

reference scenario of the DVB-S2X standard. In particular, the study is focused on

the design of algorithms to detect variable length PLHs, as such PLHs represent a

more flexible solutions with respect to that proposed by the standard, which assumes

a fixed length PLH.

In Chapter 3, we first introduce the problem of symbol timing synchronization,

then we propose a novel low-complexity parallel architecture, which is suitable for

the practical implementation in hardware of high data rates digital receivers. The per-

formance of the proposed scheme is compared with that achievable employing clas-

sical methods for timing recovery, in order to evaluate the feasibility of the proposed

algorithm.

Chapter 4 focuses on the analysis of phase noise (PN) effects in high order modu-

lations. In fact, phase noise is one of the most critical impairments of communication

systems, especially when the modulation size increases. As we did for the timing

recovery, we propose a parallel algorithm, which has a simple structure, that can be

employed after the timing synchronization block presented in Chapter 3 in high speed

receivers.

Finally, in Chapter 5, we consider a typical nonlinear satellite channel. We pro-

pose a method to construct new constellations that are robust to nonlinear effects.

The proposed constellations can be described by a simple analytical model, and they

depend on a single parameters, unlike other solutions in the literature. Finally, we

evaluate the performance of the proposed constellations with different metrics, and

we compare it with other possible approaches.



Chapter 1

Background

1.1 DVB-S2 and its extension DVB-S2X

The second generation specification of the digital video broadcasting for satellite

(DVB-S2) [1] was developed in 2003 with the aim of improving the system perfor-

mance of existent DVB-S systems [2], while keeping a reasonable receiver complex-

ity. DVB-S2 provides a near Shannon limit performance adopting forward error cor-

rection (FEC) techniques based on low-density parity-check (LDPC) codes in com-

bination with Bose-Chaudhuri-Hocquenghem (BCH) codes and high order phase-

shift keying (PSK) and amplitude phase-shift keying (APSK) modulations (8PSK,

16APSK and 32APSK) [1]. This results in a 30% capacity increase over the previous

standard DVB-S under the same transmission conditions.

One of the main features in DVB-S2 is the adoption of adaptive coding and mod-

ulation (ACM), that allows an optimization of the transmission parameters for each

individual user, depending on the path conditions [3]. Different combinations of mod-

ulation and coding (ModCod) can be used, going from the most robust, offering low

spectral efficiency but robustness to fading, to the most efficient, offering very high

spectral efficiency but poor protection against fading transmission errors.

The satellite world has changed significantly since the DVB-S2 standard was de-

veloped in 2003. Higher speeds, more efficient satellite communications technology,
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and wider transponders are required to support the exchange of large and increasing

volumes of data, video, and voice over satellite. The highest demand for the exten-

sion of the DVB-S2 standard comes from video contribution and high speed internet

applications, as these services are affected the most by the increased data rates. The

need to have more resources in order to improve the existent services and to sup-

port new technologies, led to the development of a new standard. In March 2014,

the Digital Video Broadcasting (DVB) group released the specifications of DVB-S2

eXtension, called DVB-S2X [4].

The main technologies involved in this new standard are manifold: smaller roll off

values of the transmission root-raised cosine (RRC) shaping pulses (5%, 10%, 15%),

smaller carrier spacing, and advanced filtering solutions can be adopted to exploit

the bandwidth in a more efficient manner. New modulation and coding schemes have

been introduced, as the ones proposed in [5], which improve the signal-to-noise ratio

(SNR) granularity, achieving a higher spectral efficiency with respect to the DVB-S2

standard [6]. The large number of available ModCods makes the use of ACM even

more effective than DVB-S2.

These new constellations have an increased number of points up to 256 (see

Fig. 1.1), and they are particularly suitable for professional applications that work

with improved link budgets. The combination of technologies incorporated in the

new standard results in a gain of up to 20% for direct-to-home (DTH) networks and

51% for other professionals applications compared to DVB-S2 [7].

Finally, new ModCods for very-low signal-to-noise ratio (VL-SNR) values have

been added in order for satellite networks to deal with heavy atmospheric fading and

to enable the usage of smaller antennas for mobile applications. The header of these

ModCods has been modified with an extended physical layer header with better error

correcting capabilities for signal-to-noise ratio values as low as −10 dB.

1.2 DVB-S2X Architecture

Due to the worldwide adoption of the DVB-S2, DVB-S2X maintains the same ar-

chitecture as DVB-S2 to the extent possible. The DVB-S2X transmission system
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Figure 1.1: Examples of DVB-S2X constellations.

is illustrated in Fig. 1.2 [4]. The block identified as mode adaptation is application

dependent. It should provide input stream interfacing, synchronization, null packet

deletion, cyclic redundancy check (CRC) coding for error detection at the receiver

at packet level and, in case of multiple streams, it must merge them into a single

transmission signal.

The formation of the physical layer frame is reported in Fig. 1.3 [4]. The base-

band frame is built by appending the baseband header in front of the data block, to

notify the receiver the input stream format and mode adaption type. In case the user
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Figure 1.2: DVB-S2X transmission scheme.

data available for transmission are not sufficient to completely fill a baseband frame,

padding bits are inserted to complete it. Baseband scrambling is also provided.

FEC encoding is then applied to the baseband frame to obtain the FEC frame.

The forward error correction, together with the modulation, is the key subsystem

to achieve excellent performance by satellite in the presence of high levels of noise

and interference. FEC encoding carries out the concatenation of BCH outer code

and LDPC inner codes. Depending on the application area, the FEC frames can have

length 64 800 (normal frame) or 16 200 (short frame) bits. For VL-SNR applications,

an additional type of packet with length 32 400 bits is available.

Then, the coded bits are mapped into DVB-S2X constellations to get a complex

frame. The adopted constellation depends on the channel conditions and on the type

of service. By selecting the constellation and code rates, different spectral efficiencies

can be achieved depending on the application area. For example, quadrature phase-

shift keying (QPSK) could be used in VL-SNR applications, 8APSK for broadcasting

applications, while 256APSK for professional applications with very good channel
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Figure 1.3: DVB-S2X physical layer frame.

conditions.

The physical layer signal is composed of a regular sequence of frames. Every

frame is composed of a payload of 64 800 (normal FEC frame), 32 400 (medium

FEC frame) or 16 200 (short FEC frame) bits, corresponding to a FEC code block.

In order to allow the receiver to perform synchronization and detect the ModCod

parameters before demodulation and FEC decoding, a physical layer header of 90

binary modulated symbols is placed before the payload, as can be seen from Fig. 1.3.

Since the PLH is the first entity to be decoded by the receiver, it could not be protected

by the FEC scheme. On the other hand, it has to be perfectly decoded under the worst

case link conditions.

The first 26 symbols of the physical layer header identify the start of the phys-

ical layer frame (SoF), while the remaining 64 identify the PLH code and contain

information on frame length, presence of pilot symbols and on the adopted ModCod

scheme. A representation of the DVB-S2X frame structure is reported in Fig. 1.4,

where the division of the header in SoF and PLH code is highlighted. After decoding

the PLH, the receiver can derive, through the knowledge of the transmissions param-
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DVB-S2X Frame

PLH LDPC Frame

90 symbols

SoF PLH Code

26 symbols 64 symbols

Figure 1.4: Frame structure for the DVB-S2X standard.

eters, the current frame length and thus the start of the following frame, even if the

channel conditions do not allow for successful data decoding in the current frame.

1.3 Synchronization in DVB-S2X

Frame synchronization refers to the process of aligning and synchronizing the re-

ceiver with the transmitted signal, so that it can correctly decode and demodulate the

data contained within the signal frames. As we have explained in the previous section,

DVB-S2X frames begin with a known preamble and a frame header. The preamble is

a specific bit sequence inserted at the beginning of each frame, which is used by the

receiver to detect the start of a new frame.

The adoption of ACM in DVB-S2X results in a scenario where the effective SNR

may become very low [8]. In fact, the standard supports various modulation schemes,

ranging from QPSK to 256APSK. The receiver does not know which modulation

scheme has been used at the transmitter. This information can only be accessed after
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successful frame synchronization, by analyzing the PLH signaling information.

This emphasizes the critical importance of synchronization and parameters esti-

mation, which is a fundamental operation to guarantee a successful communication.

It turns out that frame synchronization is a critical step, especially if it has to be per-

formed at low SNR values and under carrier frequency offsets, which can be even up

to 20% of the symbol rate [9]. DVB-S2X frames include pilot fields that can be ex-

ploited for synchronization purposes [4]. Therefore, an accurate detection of the start

of the frame, along with the pilot fields, is crucial for all the subsequent synchroniza-

tion blocks. Once the frame synchronization is achieved, the position of the PLH can

be correctly determined, and the receiver can access the information contained in the

frame header.

One of the most popular strategies to achieve frame synchronization is post-

detection integration (PDI) [10, 11, 12, 13]. In case frame synchronization is per-

formed prior the complete recovery of the carrier frequency, i.e. under a residual car-

rier frequency offset, noncoherent post-detection integration (NCPDI) shall be con-

sidered [14, 15, 16].

Once the frame is synchronized, the receiver is aligned with the transmitted data

frames. In fact, the primary objective of frame synchronization is to ensure that the

receiver knows the start of each frame, allowing it to correctly decode and demod-

ulate the received signal. However, some timing misalignments may still exist even

after frame synchronization. This residual timing error is, typically, smaller than the

symbol time. However, especially for high symbol rates, the symbol time is relatively

short, therefore even a small timing error represents a significant fraction of the sym-

bol time.

In the next chapters, we will investigate two important synchronization aspects

that take place after frame synchronization has been performed. In Chapter 2 we will

address the problem of PLH detection, while in Chapter 3 the problem of symbol

timing synchronization will be analyzed.





Chapter 2

Frame Header Detection in

Satellite Systems

In the DVB-S2X standard [4], the accurate detection of the physical layer header is

a critical process to enable the successful demodulation and decoding of the received

signal. In fact, the PLH carries essential information about the transmission, such as

the modulation scheme, coding rate, frame length, and other configuration parame-

ters. Detection of the physical layer header ensures that the receiver correctly inter-

prets these parameters, enabling the demodulation and the decoding of the received

payload. Typically, PLH codes have short length, as, for example, the 64-symbols

PLH codewords included in the DVB-S2X standard [4]. The standard foresees the

use of a constant length PLH, but some advantages can be obtained by adopting vari-

able length codes for the PLH [17, 18, 19, 20]. This, however, makes the decoding of

the PLH field especially challenging because the receiver needs to also estimate the

length of the received PLH.

We will focus our analysis on the decoding of short codes robust to noncoher-

ent detection. The design of such codes has been object of several research works,

see for example [21, 22, 23, 24]. We focus on noncoherent detection since the re-

ceived signal can be affected by unknown phase offsets. The unknown phase can be

estimated by means of pilot symbols, which are distributed in blocks at regular in-
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tervals in the frame [4]. However, a variation of this effect over time can result in an

imprecise pilot-based estimation, which would negatively affect the PLH decoding

performance.

In this chapter, we will analyze the problem of PLH decoding in the DVB-S2X

scenario. We first describe an alternative approach to design variable length codes

robust to noncoherent detection, based on the work proposed in [24], and we apply

it to the DVB-S2X case study. Then, we develop some novel techniques that can be

applied in the decoding of the PLH field with unknown length, which can be used as

alternatives to those provided in the standard.

The chapter is structured as follows. In Section 2.1, we define the model for the

decoding of variable length PLH codes. In Sections 2.2 and 2.3, we give some details

on the PLH code specified in the DVB-S2X standard and on the adopted PLH code

design, respectively. In Section 2.4, we derive the novel decoding strategies, while in

Section 2.5, we present the corresponding numerical results.

2.1 System Model

In this section, we address the problem of the decoding of a variable length PLH. The

use of a variable length PLH perfectly fits into the scenario of the DVB-S2X standard,

where adaptive coding and modulation is employed. As previously mentioned, the

PLH in DVB-S2X standard has constant length. However, a more flexible solution

could be to use a variable length PLH depending on the adopted modulation. In fact,

when using ModCods operating at high SNR, the PLH length may be reduced with

respect to the length foreseen by the standard. In the following, we introduce the

system model that we considered in our analysis.

The system considers the transmission of a ModCod with associated a PLH field

of length L, belonging to a finite set of lengths, as specified in Table 2.1, where the

first column represents the SNR convergence threshold of the LDPC code for each

ModCod, as specified in the DVB-S2X standard [4] (see Appendix A for details).

The details of the selected code design will be reported in the next section, while the

meaning of the third and fourth columns of Table 2.1 will be clear at the end of this
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Table 2.1: PLH code details.

SNR convergence PLH Length L NL P(L)

threshold [dB]

-2.85 64 1 0.0256

-2.03 58 1 0.0256

[0.22, 4.73] 48 3 0.0769

[5.13, 19.57] 26 34 0.8718

section.

Let us define by Lmax the maximum value that L can assume. It is always possible

to consider the transmission of a vector of symbols with length Lmax, regardless of the

true value of L. The vector can thus be represented as divided in two distinct parts:

the first one, indicated with subscript 1, with length L, contains the PLH symbols,

while the second one, indicated with subscript 2, with length ∆L = Lmax−L, contains

unknown information symbols, which are drawn from a constellation with cardinality

M, which depends on the chosen ModCod.

Let us assume to transmit a vector of symbols c= [c1,c2]
T with length Lmax, such

that c1 contains the PLH symbols and c2 contains randomly generated symbols of an

unknown constellation. We can define the received vector as

r = Ace jθ +n , (2.1)

where θ is an unknown channel phase, assumed constant and uniformly distributed in

[0,2π), A is the unknown amplitude and n is a vector of independent and identically

distributed complex Gaussian noise samples, with variance σ2 per component. This

is the scenario specified in the DVB-S2X implementation guidelines for broadcast

applications [4].

All LDPC ModCods are considered equally likely. Since the number of ModCods

associated to an arbitrary length L is, in general, different, the probability to choose a

PLH with length L can take different values. Denoting by N the number of ModCods,
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the probability to select a PLH of length L is

P(L) =
NL

N
, (2.2)

where NL is the number of possible ModCods having length L. For the DVB-S2X

standard and the adopted PLH code, the values of NL and P(L) are reported in Ta-

ble 2.1, while N = 39.

2.2 Standard Fixed Length PLH Code

In the DVB-S2X standard, a new physical layer header has been designed extending

the signaling from 7 bits to 8 bits. This has enabled the definition of more modulation

and coding schemes, allowing a finer SNR granularity as well as the introduction of

additional ModCods optimized for the linear channel.

The DVB-S2 PLH code is extended in such a way that the codewords correspond-

ing to the original DVB-S2 ModCods remain unchanged. In other words, indicating

with (n,k) a code with k input bits and n output bits, the (64,7) PLH code of DVB-S2

is a subset of the (64,8) PLH code of DVB-S2X. For the case of DVB-S2 ModCods,

64 symbols PLH codewords are transmitted in the same manner as in DVB-S2. For

the new ModCods unique to DVB-S2X, on the other hand, a phase jump of π/2

is introduced between the transmission of the SoF field and PLH codewords. As a

result of the aforementioned design, the (64,8) PLH code of DVB-S2X has almost

identical performance to the (64,7) PLH code of DVB-S2 while keeping a backward

compatible signaling for DVB-S2 ModCods [4].

By introducing an increased granularity, the highest resolution for optimal mod-

ulation in all circumstances can be ensured, and the service provider can further op-

timize the satellite link depending on the application. In combination with ACM and

the introduction of high order modulations (e.g. 64, 128 and 256APSK), this trans-

lates in better performance with respect to DVB-S2 standard when specific SNR tar-

gets have to be met [7].

As discussed in Section 1.2, each packet carries a payload protected by a forward

error correction encoding scheme, that is a concatenation of LDPC and BCH codes.
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Information on coding and modulation, contained in the PLH, are encoded and sent

before each frame. PLH also contains synchronization and signaling information, to

allow the receiver to synchronize and detect the modulation and coding parameters

before demodulation and FEC decoding. Hence, the PLH has to be perfectly decod-

able under the worst case link conditions, in order to reliably decode the transmitted

information.

Each of the transmitted frames includes a 90-symbols PLH field which comprises

a 26-symbols SoF sequence. The entire PLH (including SoF) is modulated into 90

π/2 binary phase-shift keying (BPSK) symbols. PLH code carries 1+7 signaling bits

denoted as (b0,b1· · ·b7), where b0 is the most significant bit and b7 is the least signifi-

cant bit. The most significant bit indicates whether the PLH refers to regular DVB-S2

ModCods (b0 = 0) or to ModCods defined in DVB-S2X standard (b0 = 1). In the

latter case, (b0,b1· · ·b6) shall represent the additional DVB-S2X ModCods and the

corresponding FEC length (normal, short or medium), while b7 shall indicate the

presence or absence of pilot symbols.

The 8-bit header field shall be encoded with a (64,8) code. The 7 most significant

bits (b0,b1· · ·b6) of the header field shall be encoded by a linear block code of length

32 with the following generator matrix.

G=



























10010000101011000010110111011101

01010101010101010101010101010101

00110011001100110011001100110011

00001111000011110000111100001111

00000000111111110000000011111111

00000000000000001111111111111111

11111111111111111111111111111111



























The most significant bit of the 8-bit header field is multiplied with the first row of the

matrix, the following with the second row, and so on. The 32 coded bits are denoted as

(y1,y2, . . .y32). When b7 = 0, the final PLH code is generated as (y1y1y2y2 . . .y32y32).

When b7 = 1, the final PLH code is generated as (y1 Åy1y2 Åy2 . . .y32 Åy32). The final PLH

codeword is then scrambled with a 64 bits sequence to improve its autocorrelation

property. Finally, independently of the modulation scheme in the physical layer frame
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payload, the 90 binary symbols forming the physical layer header are π/2 BPSK

modulated.

2.3 Adopted Variable Length PLH Code

We used the method presented in [24] to generate short codes that are robust to non-

coherent detection for BPSK. We generate codes with length L, code size K and min-

imum distance dmin. The main idea behind the proposed algorithm is to add, at each

step, a new column to the generator matrix G, with dimension K ×L, such that the

minimum distance dmin of the resulting new code is increased as much as possible. At

each step, the column added to the generator matrix is checked to be different from

all the existing columns. Note that this condition is not essential, but it guarantees

that the optimal code, that is the maximum length code, is obtained when L = 2K −1.

The algorithm stops when a target dmin is achieved.

We associate, to each of the DVB-S2X ModCods, PLH codewords whose lengths

are reported in the second column of Table 2.1, with the aim of reducing the length

of the PLH field with respect to the standard. We try to reduce as much as possible

the code length by selecting the minimal length code achieving the desired decision

error rate at a target SNR.

In the design problem for PLH, given the desired error probability and the channel

SNR, one needs to construct the code with the shortest possible length. Therefore, a

relation between these parameters is needed in order to correctly design the code. It

can be demonstrated (see for example [25]) that a conservative upper bound for the

error probability PE when using noncoherent detection is given by

PE ≤
(

2K −1
) 1

2
erfc

(
√

Admin

Es

N0

)

, (2.3)

with A = 1 and A = 1/2 for BPSK and QPSK, respectively. This bound provides a

relation between the desired word error probability, minimum distance and SNR of

the channel.

In our considered scenario, we need K = 7 bits to distinguish among all the code-

words. Assuming a target decision error rate (DER) equal to 10−5 and considering
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Figure 2.1: Minimum distance growth as a function of code length L for several

values of code size K.

that in the worst case condition Es

N0
= −2.85 dB (see Appendix A), one can obtain a

lower bound for the minimum distance to be dmin = 27. The corresponding PLH code

with K = 7 and dmin = 27 has length L = 67.

In Fig. 2.1 we report the minimum distance growth as a function of K and L for the

generated codes. Clearly, the figure provides a lower bound on the minimum distance

of the codes for a given pair [L,K]. Note that the codes with parameters reported in

Fig. 2.1 may not be the optimal codes that the algorithm can generate. In fact, each

run of the algorithm yields different results. Thus, one can run the algorithm many

times and pick the best obtained code for a given pair [K,dmin].

2.4 Proposed PLH Decoding Strategies

In this section, we propose three alternative strategies for the decoding of a variable

length PLH code as the one described in Section 2.3. The decoding strategy, when

both the PLH and its length are unknown, can be based on the generalized likelihood
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criterion
(

Â, L̂, ĉ
)

= argmax
(A,L,c)

P(c,L,A|r)

= argmax
(A,L,c)

p(r|c,L,A)P(c|L)P(L)p(A)

p(r)
,

(2.4)

Equation (2.4) gives an estimation of both the PLH and, implicitly, its length L. It

also provides an estimation of the amplitude A. Clearly, it is

P(c|L) =







1
NL

if c is a codeword of length L

0 otherwise .
(2.5)

Hence, with c a codeword of length L,

P(c|L)P(L) = 1

NL

NL

N
=

1

N
, (2.6)

and, because N does not depend on L, assuming also that A is uniformly distributed,

the decoding strategy in (2.4) simplifies to

(

Â, L̂, ĉ
)

= argmax
(A,L,c)

p(r|c,L,A)
p(r)

. (2.7)

Since we are considering vectors of equal length Lmax, p(r) is irrelevant in the maxi-

mization and it can be ignored. Moreover, considering that PLH symbols only appear

in the first part of vector c, which we denoted by c1, the generalized likelihood func-

tion can be rewritten as

(

Â, L̂, ĉ1

)

= argmax
(A,L,c1)

p(r|c1,L,A) . (2.8)

By exploiting the fact that the vector r can be divided in two parts, the probability

density function (PDF) in (2.8) can be expressed as

p(r|c1,L,A) = p(r1,r2|c1,L,A)

=

(

1

M

)∆L

∑
c2

p(r1,r2|c1,c2,L,A)

=

(

1

M

)∆L
1

2π

∫

[

∑
c2

p(r1,r2|c1,c2,L,A,θ)

]

dθ ,

(2.9)
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where we have exploited the average with respect to c2, that is necessary to obtain

the marginal PDF in (2.8), and the average on the unknown phase θ . Given the fact

that r1 and r2 are uncorrelated, it is possible to write

p(r1,r2|c1,c2,L,A,θ) = p(r1|c1,L,A,θ)p(r2|c2,L,A,θ) . (2.10)

Hence, the two PDFs in (2.10) can be computed separately. Since

p(rk | ck,A,θ) =

(

1

2πσ2

)

exp

{

− 1

2σ2
|rk|2

}

exp

{

− A2

2σ2
|ck|2 +

A

σ2
ℜ

[

rkc∗ke jθ
]

}

,

(2.11)

the first PDF can be computed as

p(r1|c1,L,A,θ) =
L

∏
k=1

p(rk|ck,A,θ)

=
L

∏
k=1

(

1

2πσ2

)

exp

{

− 1

2σ2
|rk|2

}

exp

{

− A2

2σ2
|ck|2

}

exp

{

A

σ2
ℜ

[

rkc∗ke jθ
]

}

.

(2.12)

As we will demonstrate in the following, because of some of the approximations

involved in the derivation of the algorithms, the dependence on the channel phase

θ will only appear in the first part of the right hand side of (2.10). Hence, we can

average (2.12) over θ to obtain

p(r1|c1,L,A) =
1

2π

∫ 2π

0
p(r1|c1,L,A,θ)dθ

=

(

1

2πσ2

)L

exp

{

− 1

2σ2

L

∑
k=1

|rk|2
}

exp

{

− A2

2σ2

L

∑
k=1

|ck|2
}

I0

(

A

σ2

∣

∣

∣

∣

∣

L

∑
k=1

rkc∗k

∣

∣

∣

∣

∣

)

,

(2.13)

in which I0(·) is the modified Bessel function of the first kind of order zero.

For the second term in (2.10), instead, we can write

p(r2|L,A,θ) =
Lmax

∏
k=L+1

[

1

M
∑
ck

p(rk|ck,A,θ)

]

. (2.14)
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The term in square brackets in (2.14) cannot be computed in closed form, so some ap-

proximations are needed. In the following two subsections, we derive two alternative

decoding rules based on different approximations.

2.4.1 Strategy 1

Let us consider one term of the summation in (2.14). By exploiting (2.11), it can be

written as

p(rk|ck,A,θ) =

(

1

2πσ2

)

exp

{

− 1

2σ2
|rk|2

}

exp

{

− A2

2σ2
|ck|2 +

A

σ2
ℜ

[

rkc∗ke jθ
]

}

.

(2.15)

By using a first order Taylor approximation for the last exponential, we get

p(rk|ck,A,θ)≃
(

1

2πσ2

)

exp

{

− 1

2σ2
|rk|2

}[

1− A2

2σ2
|ck|2 +

A

σ2
ℜ

[

rkc∗ke jθ
]

]

.

(2.16)

Moreover, by averaging out terms with zero mean, we obtain that

1

M
∑
ck

p(rk|ck,A,θ)≃
(

1

2πσ2

)

exp

{

− 1

2σ2
|rk|2

}[

1− A2

2σ2

]

, (2.17)

hence the second PDF of (2.10) becomes

p(r2|c2,L,A,θ)≃
(

1

2πσ2

)∆L

exp

{

− 1

2σ2

Lmax

∑
k=L+1

|rk|2
}

[

1− A2

2σ2

]∆L

. (2.18)

Hence, combining (2.13) and (2.18), (2.9) becomes

p(r|c1,L,A) =

(

1

2πσ2

)Lmax

exp

{

− 1

2σ2

Lmax

∑
k=1

|rk|2
}

exp

{

− A2

2σ2

L

∑
k=1

|ck|2
}

I0

(

A

σ2

∣

∣

∣

∣

∣

L

∑
k=1

rkc∗k

∣

∣

∣

∣

∣

)

[

1− A2

2σ2

]∆L

.

(2.19)

Being Lmax constant, the first two terms are irrelevant. For the last one we assume to

make the following approximation, which is good if σ2 ≫ 1:

[

1− A2

2σ2

]

≃ 1 . (2.20)
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Hence, by exploiting the approximation I0(x)≃ ex and taking the logarithm, the met-

ric becomes

(

Â, L̂, ĉ1

)

= argmax
(A,L,c1)

(

A

∣

∣

∣

∣

∣

L

∑
k=1

rkc∗k

∣

∣

∣

∣

∣

− A2L

2

)

. (2.21)

By performing the maximization with respect to A first, we obtain that the amplitude

estimate is

Â =

∣

∣∑
L
k=1 rkc∗k

∣

∣

L
. (2.22)

Substituting (2.22) in (2.21), we have

(

L̂, ĉ1

)

= argmax
(L,c1)

∣

∣∑
L
k=1 rkc∗k

∣

∣

2

L
. (2.23)

Considering that we used several approximations in the derivation of this decision

rule, some of them involving the PLH length, it can be convenient to correct the

metric as follows

(

L̂, ĉ1

)

= argmax
(L,c1)

∣

∣∑
L
k=1 rkc∗k

∣

∣

2

Lα
, (2.24)

where α is a coefficient to be optimized.

2.4.2 Strategy 2

In this section we propose an alternative decoding strategy based on an approximation

of the PDF (2.14). In order to simplify the computation of the average with respect to

ck and θ , we make the following approximation:

ck ≃ E {|ck|}e jψk = e jψk , (2.25)

where {ψk} are independent random variables with uniform distribution in [0,2π).

By averaging with respect to ψk, we can rewrite (2.14) as

p(r2|L,A,θ) =
Lmax

∏
k=L+1

1

2π

∫ 2π

0

[

1

M
∑
ck

p(rk|ck,θ ,A,ψk)

]

dψk . (2.26)
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Thus, by exploiting (2.11)

p(r2|L,A,θ) =
(

1

2πσ2

)∆L

exp

{

− 1

2σ2

Lmax

∑
k=L+1

|rk|2
}

exp

{

− A2

2σ2
∆L

}

Lmax

∏
k=L+1

1

2π

∫ 2π

0
exp

{

A

σ2
ℜ

[

rke− jψk e jθ
]

}

dψk

=

(

1

2πσ2

)∆L

exp

{

− 1

2σ2

Lmax

∑
k=L+1

|rk|2
}

exp

{

− A2

2σ2
∆L

}

Lmax

∏
k=L+1

1

2π

∫ 2π

0
exp

{

A

σ2
|rk|cos(−ψk +θ +∠rk)

}

dψk .

Using second order Taylor approximation for the last exponential, we obtain

p(r2|L,A,θ)≃
(

1

2πσ2

)∆L

exp

{

− 1

2σ2

Lmax

∑
k=L+1

|rk|2
}

exp

{

− A2

2σ2
∆L

}

Lmax

∏
k=L+1

1

2π

∫ 2π

0

[

1+
1

σ2
|rk|cos(−ψk +θ +∠rk)

+
1

2σ4
|rk|2 cos2 (−ψk +θ +∠rk)

]A

dψk .

Adopting now the approximation (1+ x)r ≃ 1+ rx for |x| ≪ 1, we get

p(r2|L,A,θ)≃
(

1

2πσ2

)∆L

exp

{

− 1

2σ2

Lmax

∑
k=L+1

|rk|2
}

exp

{

− A2

2σ2
∆L

}

Lmax

∏
k=L+1

1

2π

∫ 2π

0

[

1+
A

σ2
|rk|cos(−ψk +θ +∠rk)

+
A

2σ4
|rk|2 cos2 (−ψk +θ +∠rk)

]

dψk

=

(

1

2πσ2

)∆L

exp

{

− 1

2σ2

Lmax

∑
k=L+1

|rk|2
}

exp

{

− A2

2σ2
∆L

}

Lmax

∏
k=L+1

1

2π

(

1+
A

8πσ4
|rk|2

)

.

(2.27)
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Note that this expression is independent of θ . Hence, we can compute (2.9) by us-

ing (2.13) and (2.27) as

p(r|c1,L,A) =

(

1

2πσ2

)Lmax

exp

{

− 1

2σ2

Lmax

∑
k=1

|rk|2
}

I0

(

A

σ2

∣

∣

∣

∣

∣

L

∑
k=1

rkc∗k

∣

∣

∣

∣

∣

)

exp

{

− A2

2σ2
Lmax

} Lmax

∏
k=L+1

1

2π

(

1+
A

8πσ4
|rk|2

)

.

By removing the first two irrelevant terms, applying the approximation I0(x) ≃ ex,

and taking the logarithm, the likelihood function can be written as

(

Â, L̂, ĉ1

)

= argmax
(A,L,c1)

(

A

σ2

∣
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.

Approximating log(1+ x)≃ x for |x| ≪ 1, we get

(
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)
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. (2.28)

Also in this case, we perform the maximization with respect to A first to obtain the

following amplitude estimate value, obtaining that

Â =

∣

∣∑
L
k=1 rkc∗k

∣

∣+ 1
8πσ2 ∑

Lmax

k=L+1 |rk|2
Lmax

. (2.29)

Finally, by substituting (2.29) in (2.28), we have that the final metric is

(
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)
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(2.30)

Also in this case, we can apply a correction factor β to the metric, to be optimized, in

order to take into account the approximations involved in the derivation. Hence, the

final metric is
(

L̂, ĉ1

)

= argmax
(L,c1)

∣

∣

∣

∣

∣

L

∑
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∣

∣

∣

∣

∣

+
β

σ2

Lmax

∑
k=L+1

|rk|2 . (2.31)

We can notice that this strategy requires knowledge of the noise variance σ2.
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2.4.3 Strategy 3

Following a similar approach to the previous section, an alternative decoding strategy

is derived in the following paragraph. We can write

p(r1|L,θ ,A) =
(

1

2πσ2

)L

exp

{

− 1
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(2.32)

and

p(r1|L,θ ,A) =
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Thus

p(r|c1,L,A) =

(

1

2πσ2
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(2.34)

By removing irrelevant terms and introducing the logarithm, the likelihood function

can thus be expressed as

(

Â, L̂, ĉ1

)

= argmax
(A,L,c1)
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2
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By performing the maximization with respect to A first, we obtain that the amplitude

estimate is

Â =

∣

∣∑
L
k=1 rkc∗k

∣

∣

2

4σ2L
, (2.36)
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and the final metric thus becomes

(

L̂, ĉ1

)

= argmax
(L,c1)

∣

∣∑
L
k=1 rkc∗k

∣

∣

4

32σ6Lγ
, (2.37)

where γ is a coefficient to be optimized that takes into account the approximations

involved in the derivation.

2.4.4 Noise Variance Estimation

Some of the previous decoding strategies assume the knowledge of the noise vari-

ance. In cases where this information is not available at the receiver, one needs to

consider the implementation of a noise variance estimator to correctly perform the

detection [26], [27]. In this section we present a noise variance estimation method

based on the received information vector, i.e. that does not need pilot symbols. From

the received vector r, the signal-to-noise ratio can be written as

Es

N0

=
S

W
=

A2

σ2
, (2.38)

where S and W are the signal power and the noise power, respectively. Let M2 denote

the second order moment of the received vector

M2 = E {rnr∗n}= SE
{

|cn|2
}

+
√

SWE {cnw∗
n}+

√
SWE {a∗nwn}+WE

{

|wn|2
}

,

(2.39)

and M4 the fourth moment
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{
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2
}
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{
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{
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SW (E
{
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}

+E
{

|wn|2a∗nwn

}

)+W 2E
{

|wn|4
}

.

(2.40)

Considering M-ary PSK signal and assuming that the signal and the noise are zero

mean, independent random processes, and the in-phase and quadrature components

of the noise are independent, (2.39) and (2.40) reduce to

M2 = S+W , (2.41)
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and

M4 = S2 +4SW +2W 2 . (2.42)

Solving for W , we obtain

Ŝ =
√

2M2
2 −M4 , (2.43)

and the noise variance can be obtained as

Ŵ = M2 − Ŝ . (2.44)

This estimator is based on the second and fourth order moments of the received sig-

nal, and it does not use receiver decisions. Moreover, no pilot symbols are required

to perform estimation. In practice, the second and fourth order moments can be esti-

mated as

M2 ≃
1

Nsym

Nsym

∑
n=0

|rn|2 (2.45)

and

M4 ≃
1

Nsym

Nsym

∑
n=0

|rn|4 , (2.46)

where Nsym is the number of symbols used in the estimation process. In the following

section, we will present and discuss the performance of this estimator in the consid-

ered scenario.

2.5 Numerical Results

In this section, we show the performance of the proposed decoding schemes derived

in Sections 2.4.1, 2.4.2 and 2.4.3 in the considered DVB-S2X scenario. For the sake

of completeness, we report herein the three proposed decoding strategies.

(

L̂, ĉ1

)

= argmax
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(

L̂, ĉ1

)

= argmax
(L,c1)
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∣∑
L
k=1 rkc∗k

∣

∣

4

32σ6Lγ
. (2.49)

For each possible length of the PLH, we select the ModCod associated with the

lowest SNR, in order to test the detector in the worst working conditions. This cor-

responds to ModCods 1, 2, 3, and 6, as can be observed from Table 2.1. For each

value of SNR, a maximum of 107 PLH codewords are simulated. Thus, results below

DER = 10−6 lack statistical reliability.

The performance is compared with that achievable with a system that is fully

compliant with the DVB-S2X standard. This means that the PLH codewords have

all a fixed length of Lmax = 64 symbols, and the receiver operates according to the

following decision rule

ĉ= argmax
c

∣

∣

∣

∣

∣

Lmax

∑
k=1

rkc∗k

∣

∣

∣

∣

∣

. (2.50)

This system is denoted as standard in this chapter.

We also compare the proposed decoding strategies with another benchmark strat-

egy, denoted as simple in this chapter. This decoder does not know the codeword

length and it simply computes the likelihood function of each codeword with the re-

ceived signal, assuming always the maximum length Lmax, and it operates according

to decoding rule (2.50). This is representative of the performance achievable in a

system adopting a variable length PLH, but using a conventional decoding scheme.

2.5.1 Strategy 1

The results obtained using the first proposed strategy are reported in Fig. 2.2 as a

function of the ratio between the average energy per symbol and the noise power

spectral density, Es/N0, for ModCods 1, 2, 3 and 6. Different values of the param-

eter α in (2.24) are compared. The gaps from the standard detector are reported in

Table 2.2 and in Fig. 2.3 (a), while the gaps from the simple detector are reported in

Table 2.3 and in Fig. 2.3 (b), for several values of α .

Looking at Fig. 2.2 (a), we can see that for ModCod 1 all tested values of α

provide relatively similar performance, and that increasing the value of α the perfor-

mance tends to degrade. We also notice that, in this case, the standard and the simple
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(a) PLH DER for ModCod 1 using Strategy 1. (b) PLH DER for ModCod 2 using Strategy 1.

(c) PLH DER for ModCod 3 using Strategy 1. (d) PLH DER for ModCod 6 using Strategy 1.

Figure 2.2: PLH DER for different ModCods using Strategy 1.

Table 2.2: Gaps in dB from standard decoding at DER = 10−5 using Strategy 1.

ModCod
PLH α

length 0.3 0.4 0.5 0.6 0.7

1 64 -0.71 -0.59 -0.3 0.08 0.51

2 58 -0.03 0.15 0.39 0.79 1.24

3 48 1.59 1.74 2.01 2.43 3.02

6 26 8.71 7.9 7.3 6.88 6.22
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(a) Gaps from standard detector using Strategy 1. (b) Gaps from simple detector using Strategy 1.

Figure 2.3: Gaps from standard (a) and simple (b) detectors for different values of α

using Strategy 1.

receivers reach similar performance. This is not surprising, because in our proposed

scheme ModCod 1 adopts a 64-symbols PLH codeword, which is the same length

considered by both the standard and simple schemes.

If we look at ModCod 6 (Fig. 2.2 (d)), instead, first of all we notice the poor

performance of the simple receiver scheme. Also in this case, this was expected, re-

calling that this scheme attempts decoding on 64 symbols, but the PLH codeword for

ModCod 6 has a length of only 26 symbols, so the detector tries to use also part of the

information symbols, which are encoded and modulated with the code and the modu-

lation specific to the ModCod. We can also notice the large gap between the standard

decoder and our proposed solution. This is also unsurprising, considering that the

standard decoding strategy needs to work properly for all ModCods, including those

operating at low SNR, so it has to be robust to the worst case scenario.

Adopting a variable length code, and a corresponding decoding strategy, allows

us to relax this robustness constraint for ModCods operating at higher SNR, like

ModCod 6 and those above. If we compare the curves for different values of α , we

see that the performance improves by increasing α . This is exactly the opposite of

the behavior we observed for ModCod 1, so the problem arises of how to select α to
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Table 2.3: Gaps in dB from simple decoding at DER = 10−5 using Strategy 1.

ModCod
PLH α

length 0.3 0.4 0.5 0.6 0.7

1 64 -1.19 -1.06 -0.77 -0.39 0.04

2 58 -1.84 -1.67 -1.43 -1.02 -0.57

3 48 -0.78 -0.61 -0.35 0.08 0.66

6 26 -6.48 -7.29 -7.89 -8.31 -8.97

Table 2.4: Gaps in dB from ModCod convergence threshold at DER = 10−5 using

Strategy 1.

ModCod
PLH α

length 0.3 0.4 0.5 0.6 0.7

1 64 -1.56 -1.44 -1.15 -0.76 -0.34

2 58 -1.69 -1.52 -1.28 -0.87 -0.42

3 48 -2.32 -2.16 -1.9 -1.47 -0.89

6 26 -0.12 -0.92 -1.53 -1.95 -2.6

guarantee a good trade-off in all cases.

In order to allow for a correct decoding of the transmitted information, it is impor-

tant that the PLH is reliably decoded at SNR values that are lower than the working

conditions of the ModCods. In Table 2.4 and in Fig. 2.4 we report the gaps from the

ModCod convergence threshold, as reported in [4], for several values of α , at a target

DER = 10−5. From Fig. 2.4, we can notice that the maximum gap is minimized for

α = 0.5. Moreover, we can see that for 0.3 ≤ α ≤ 0.7 the gaps are negative, which

means that the PLH is decoded with a DER below 10−5 for SNR values which are

lower than the ModCod convergence threshold. This is fundamental to guarantee the
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Figure 2.4: Gap in dB from the ModCod convergence threshold for several values of

α at DER = 10−5, using Strategy 1.

correct decoding of all ModCods.

Table 2.5 reports the average gaps from the ModCod convergence threshold con-

sidering the probability of occurrence of the different PLH lengths. We notice that

choosing α = 0.7 is a value which mostly favors the most probable length, and still

keeps the PLH decoding performance below the LDPC convergence threshold for all

ModCods. Values of α higher than 0.7 will reduce the gap for ModCod 6, but also

increase the gap for the other ModCods, so they should not be considered.

2.5.2 Strategy 2

The results obtained using Strategy 2 in Section 2.4.2 are presented in this section.

Through simulations, we verified that the metric shows the best performance for β =

0.2, for all the tested ModCods. We report the corresponding DER curves in Fig. 2.5.

The gaps from the standard and simple detectors are reported in tables 2.6 and 2.7,

respectively, while the gaps from the ModCod convergence threshold are reported in
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Table 2.5: Average gaps in dB from ModCod convergence threshold using Strategy

1.

α 0.3 0.4 0.5 0.6 0.7

Avg. gap -0.09 -0.26 -0.39 -0.46 -0.59

Table 2.6: Gaps in dB from standard decoding DER = 10−5 using Strategy 2,

β = 0.2.

ModCod Gap

1 -0.09

2 0.62

3 2.19

6 4.45

Table 2.8. Finally, Table 2.9 reports the average gap from the ModCod convergence

threshold considering the probability of occurrence of the different PLH lengths. We

can see that for all the ModCods the PLH is decoded reliably at SNR values that are

lower than the ModCods convergence threshold; in particular, for ModCod 6, a very

large gap can be achieved.

Considering the simple detector, similarly to what has been noted for the first

decoding strategy, we note that it has acceptable performance for the longest PLH

codewords, while it clearly shows a performance degradation for the shortest code-

words. This behavior is consistent with the fact that the detector always operates on

the maximum number of symbols Lmax, even when the actual codeword length is

much smaller.

As mentioned, this decoding strategy assumes the knowledge of the noise vari-

ance. The results presented in this section assume perfect knowledge of the noise

variance. However, this parameter can be estimated [26]. In section 2.5.4 we will
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(a) PLH DER for ModCod 1 using Strategy 2. (b) PLH DER for ModCod 2 using Strategy 2.

(c) PLH DER for ModCod 3 using Strategy 2. (d) PLH DER for ModCod 6 using Strategy 2.

Figure 2.5: PLH DER for different ModCods using Strategy 2.

refer to the algorithm proposed in [27] to analyze the problem of noise variance esti-

mation.

2.5.3 Strategy 3

In this section, we report the results obtained using the third decoding strategy de-

scribed in Section 2.4.3. The DER curves are reported in Fig. 2.6, for several values

of the parameter γ . The corresponding gaps from the standard and simple detectors

are reported in tables 2.10 and 2.11, respectively, while the gaps from the ModCod
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Table 2.7: Gaps in dB from simple decoding DER = 10−5 using Strategy 2, β = 0.2.

ModCod Gap

1 -0.56

2 -1.19

3 -0.17

6 -10.74

Table 2.8: Gaps in dB from ModCod convergence threshold using Strategy 2,

β = 0.2.

ModCod Gap

1 -0.94

2 -1.05

3 -1.72

6 -4.37

convergence threshold are reported in Table 2.12. Finally, Table 2.13 reports the av-

erage gaps from the ModCod convergence threshold considering the probability of

occurrence of the different PLH lengths, for different values of γ .

In Fig. 2.7 (a), the gaps from the standard detector which knows the PLH length

are reported, for several values of γ . In this case, one can see that the maximum gap

is minimized for γ = 1.4. However, if we compute the average gap considering the

different probability of occurrence of the PLH lengths, reported in Table 2.13, we see

that γ = 1.8 minimizes this value.

In Fig. 2.7 (b), we report the gaps from the ModCod convergence threshold of

each ModCod for several values of γ , at a target DER = 10−5. From the figure one

can note that, for 0.6 ≤ γ ≤ 1.8, the PLH is reliably decoded at SNR values that are

lower than the ModCod threshold. Thus, considering the probability of occurrence of
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Table 2.9: Average gap in dB from ModCod convergence threshold using Strategy 2.

β 0.2

Avg. gap -0.99

Table 2.10: Gaps in dB from standard decoding at DER = 10−5, using Strategy 3.

ModCod
PLH γ

length 1.4 1.5 1.6 1.7 1.8

1 64 0.80 0.92 1.03 1.06 1.27

2 58 0.84 0.92 0.98 0.99 1.19

3 48 0.64 0.73 0.73 0.56 0.79

6 26 0.95 0.78 0.55 0.37 0.26

Table 2.11: Gaps in dB from simple decoding at DER = 10−5, using Strategy 3.

ModCod
PLH γ

length 1.4 1.5 1.6 1.7 1.8

1 64 -0.63 -0.51 -0.41 -0.37 -0.17

2 58 -1.4 -1.32 -1.26 -1.25 -1.05

3 48 -3.54 -3.45 -3.45 -3.62 -3.39

6 26 +∞ +∞ +∞ +∞ +∞
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Table 2.12: Gaps in dB from ModCod convergence threshold at DER = 10−5, using

Strategy 3.

ModCod
PLH γ

length 1.4 1.5 1.6 1.7 1.8

1 64 -0.66 -0.54 -0.43 -0.4 -0.19

2 58 -0.93 -0.86 -0.79 -0.78 -0.58

3 48 -1.97 -1.88 -1.88 -2.05 -1.82

6 26 -2.67 -2.84 -3.07 -3.25 -3.36

Table 2.13: Average gaps in dB from ModCod convergence threshold using Strategy

3.

γ 1.4 1.5 1.6 1.7 1.8

Avg. gap -0.63 -0.66 -0.71 -0.76 -0.77
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(a) PLH DER for ModCod 1 using Strategy 3. (b) PLH DER for ModCod 2 using Strategy 3.

(c) PLH DER for ModCod 3 using Strategy 3. (d) PLH DER for ModCod 6 using Strategy 3.

Figure 2.6: PLH DER for different ModCods using Strategy 3.

the different PLH lengths, the best choice is to select γ = 1.8, as can be seen from

Table 2.13. In fact, this value guarantees that the PLH is reliably detected at SNR

values that are below the convergence threshold for all the ModCods, especially for

the most probable PLH length.

2.5.4 Noise Variance Estimation

In this section, we present the results obtained using the metric (2.31) derived in

Section 2.4.2 adopting the noise variance estimator presented in Section 2.4.4. The
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(a) Gaps in dB from standard decoding using

Strategy 3.

(b) Gaps in dB from the ModCod convergence

threshold using Strategy 3.

Figure 2.7: Gaps in dB from standard decoding (a) and from the ModCod

convergence threshold (b) for several values of γ at DER = 10−5, using Strategy 3.

estimator is based on the second and fourth order moments of the received signal,

and does not need pilot symbols to perform estimation, so it is independent of the

adopted frame structure. Thus, the decoding strategy becomes

(

L̂, ĉ1

)

= argmax
(L,c1)

∣

∣

∣

∣

∣

L

∑
k=1

rkc∗k

∣

∣

∣

∣

∣

+
α

σ̂2

Lmax

∑
k=L+1

|rk|2 . (2.51)

The estimation of the noise variance σ2 is based on the received vector. In partic-

ular, the estimation is performed only on the BPSK modulated PLH symbols. Since

the length of the PLH is unknown at the receiver, the estimation is performed on 26

BPSK symbols for all the tested ModCods, i.e. using the smallest PLH length among

all the ModCods. In order to evaluate the performance of this estimator, we com-

puted the mean squared error (MSE) by simulations from a number of estimates σ̂i

according to

MSE
{

σ̂2
}

=
1

Nt

Nt

∑
i=1

(σ̂2
i −σ2)2 , (2.52)

where Nt represents the number of trials and σ̂2
i is the i-th estimates of the noise

variance.
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Figure 2.8: MSE for different values of Nsym varying signal-to-noise ratio.

Fig. 2.8 reports the MSE computed over Nt = 103 trials as a function of the chan-

nel signal-to-noise ratio. Nsym indicates the number of symbols that are used to per-

form the estimation. As previously discussed, in our simulations we used Nsym = 26.

However, since the PLH field can have a maximum length of 64 symbols, we also

simulated the performance in the case the estimation is performed with Nsym = 64.

Clearly, in this scenario the estimator performs better since it operates on an higher

number of symbols. However, from the figure one can note that using a higher num-

ber of symbols yields only a small improvement in terms of MSE, thus making the

use of a lower number of symbols acceptable. We also report, in Fig. 2.9, the Cramér

Rao lower bound (CRLB) and the variance of the proposed estimator as a function of

Es/N0.

Fig. 2.10 reports the DER curves for ModCods 1 and 6 assuming ideal knowl-

edge of the noise variance (blue curve), and using the variance estimator [26] (σ̂2

green curves). We notice that we can achieve the same performance with the variance

estimator as in case of perfect knowledge of the variance. We see that, for all the

ModCods, the results obtained with this decoding strategy approach the one obtained
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Figure 2.9: CRLB and variance of the estimator varying Es/N0, with Nsym = 26.

with the detector not employing the noise variance estimation and knowing the real

value of the noise variance. Thus, we can conclude that the proposed moment-based

estimator shows good performance, and it can be successfully adopted in the tested

scenario.

2.6 Conclusions

In this chapter, we presented different decoding schemes that can be adopted to de-

code a PLH code having variable length codewords. Clearly, the best decoding strat-

egy depends on the probability distribution of the PLH length over the ModCods, as

well as on the number of ModCods and on the adopted PLH code.

To summarize all the results, we report in Table 2.14 the optimal value of the

parameter for each decoding strategy, with associated the corresponding average gap

from the ModCod convergence threshold, as it represents the most important perfor-

mance metric to evaluate the effectiveness of each strategy. From the table, we can see

that Strategy 2 shows the best performance in terms of larger gaps from LDPC con-
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Figure 2.10: PLH DER comparison for Strategy 2 using a noise variance estimator.

vergence threshold, but all the proposed strategies can ensure very good performance,

adopting a PLH with length significantly lower than the one used in the DVB-S2X

standard. In fact, if we compare the proposed design with the standard, where all 39

ModCods adopt a fixed length 64 symbols code, and taking into account the probabil-

ity distribution of the codeword length, reported in Table 2.1, we note that the average

codeword length is 30 bits, so less than half the value adopted in the standard.

In terms of complexity, Strategy 1 (2.24) and Strategy 3 (2.37) operate only on

the first L symbols, while Strategy 2 (2.31) takes all Lmax symbols into account. The

standard fixed length PLH decoding strategy would operate with the metric (2.50) on

all Lmax symbols, and the same would happen for the described simple receiver.

Table 2.15 reports the complexity of the different strategies, in terms of number

of real operations. To evaluate the complexity, we have to keep in mind that the PLH

uses π/2−BPSK symbols, so multiplications with preamble symbols only results

in a change of the sign of the real or the imaginary part. Hence, multiplications by

preamble symbols are not accounted for. Look-up table (LUT) accesses are necessary
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Table 2.14: Optimal parameter and average gaps from the ModCod convergence

threshold for each decoding strategy.

Strategy Opt param. Average gap

1 α = 0.7 -0.59

2 β = 0.2 -0.99

3 γ = 1.8 -0.77

Table 2.15: Complexity comparison for the proposed decoding strategies

Strategy # additions # multiplications # LUT

Standard (2.50) 4Lmax −1 = 255 2 1

1 (2.24) 4L−1 = 119 3 0

2 (2.31) 3L+Lmax −1 = 153 2(Lmax −L)+4 = 72 1

3 (2.37) 4L = 120 13 0

to evaluate square roots to compute absolute values. For strategies 1, 2 and 3 we

have used the average codeword length, i.e. 30, to evaluate the complexity. We can

conclude that Strategy 1 and Strategy 3 are clearly desirable from an implementation

complexity point of view. We have to keep in mind, however, that the performance

and complexity may vary depending on the PLH length distribution, number of PLH

codewords and the channel conditions. Hence, while the general decoding framework

remains valid, performance must be evaluated according to the characteristics of the

considered communication system.

The proposed decoding strategies rely on the tuning of a parameter, which takes

into account the approximations involved in the derivation. The optimal value of this

parameter, clearly, depends on the investigated scenario and on the adopted PLH

code, but the general strategy can be easily applied to different cases and applications.



Chapter 3

Timing Synchronization

In this chapter, we investigate the problem of timing synchronization in digital re-

ceivers. Timing synchronization is the process of estimating a clock signal that is

aligned both in time and in frequency with the clock used to generate the data at the

transmitter. Timing synchronization is required at physical layer when the samples of

the received signal are misaligned with the data symbols generated by the transmitter.

Thus, the received samples are not aligned with the maximum eye opening, as can be

seen from the eye diagram in Fig. 3.1.

There are two different approaches to estimate the correct sampling time [28].

The first one is based on synchronous sampling, and exploits an error signal which

drives a numerically controlled oscillator (NCO) to adjust the sampling time [28].

On the other hand, a more suitable approach for digital receivers is based on asyn-

chronous sampling. In asynchronous sampling, the sampling clock is independent of

data clock used by the transmitter, and the correct sampling time is derived through

interpolation of adjacent samples. The chapter will focus on this second approach, as

it is the method adopted in real digital receivers [29].

The chapter is structured as follows. We first introduce, in Section 3.1, the sys-

tem model, while the classical architecture for timing synchronization, with details

of each functional block, is presented in Section 3.2. Then, in Section 3.3, we will

propose a low-complexity architecture for timing synchronization that is practically
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(a) τ = 0 (b) τ ̸= 0

Figure 3.1: Eye diagram in presence of a timing offset τ .

suitable for high speed receivers. Such architecture employs only a single NCO, un-

like parallel schemes available in the literature [30] [31] [32], allowing a significant

complexity reduction. Finally, numerical simulations are carried out to compare the

performance of the classical and parallel implementations to evaluate possible losses,

and results are reported in Sections 3.4 and 3.5.

3.1 System Model

In this section, we present the model of the symbol timing recovery (STR) scheme.

The received signal, prior to matched filtering, can be expressed as

r(t) = ∑
i

ai p(t − iT − τ)e j(2πi∆ f T+θ)+w(t) , (3.1)

where {ai} are the transmitted symbols belonging to an M-ary complex constellation,

p(t) is the shaping pulse, assumed to have a root-raised cosine (RRC) spectrum with

roll-off factor α , T is the symbol interval, θ is a phase offset, and w(t) is a complex

additive white Gaussian noise process (AWGN). Parameters τ and ∆ f T identify the

time offset and the normalized carrier frequency offset, respectively. τ is assumed to

be in the interval −T
2
≤ τ ≤ T

2
, while we assume ∆ f T = 0.01, which is assumed to

be the maximum uncompensated normalized residual carrier frequency offset after

coarse frequency synchronization.
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The received signal at the output of the matched filter (MF) is given by

y(t) = ∑
i

aig(t − iT − τ)e j(2πi∆ f T+θ)+n(t) , (3.2)

where g(t) ≜ p(t)⊗ p∗(−t), and n(t) is a colored noise process. The signal is then

sampled at fixed rate 1/Ts to obtain N samples per symbol, where the oversampling

factor is defined as N ≈ T/Ts, where the approximation will be clear in the following.

The sampling rate 1/Ts is asynchronous with respect to the symbol rate 1/T , i.e.,

in presence of a timing offset τ ̸= 0 the received samples are not aligned with the

transmitted symbols.

The oversampling factor is assumed to be fractional, equal to N = 2.25 samples

per symbol. We point out that the choice of N is arbitrary. Since perfect sampling

frequency is difficult to achieve because of non ideal oscillators, the clocks used at the

transmitter and at the receiver are assumed to be independent. Therefore, a sampling

clock offset (SCO) between the transmitter and the receiver is present, i.e. N ̸= T/Ts.

3.2 Serial Symbol Timing Recovery

The block diagram for digital timing synchronization is reported in Fig. 3.2. After

analog-to-digital (ADC) conversion, with rate 1/Ts, a new sample enters in a shift

register with depth L. With the same rate, the entire content of the register is filtered

by a polyphase filter, denoted by Polyphase MF in Fig. 3.2, which, as we will explain

the following, is designed according to the polyphase approach [33] to efficiently

combine matched filtering and interpolation. The Polyphase MF outputs a new sam-

ple with a rate equal to 2/T , since the Gardner time error detector (TED) [34] requires

two samples per symbol. This can be accomplished by using proper control signals,

denoted by ℓ1(mTs) and ℓ2(mTs), whose dependence on Ts will be omitted in the fol-

lowing for the sake of simplicity. These signals are denoted by ℓ1 and ℓ2 in Fig. 3.2,

and their role is explained hereafter.

Indeed, the two control signals, ℓ1 and ℓ2, are generated by the NCO block, as de-

scribed below, and their purpose is to label each sample at the output of the Polyphase
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Polyphase
MF TED

+

++

Loop Filter
+ ADC

NCO

Figure 3.2: Block diagram for symbol timing recovery.

MF either as an optimum sample, when ℓ1 = 0 and ℓ2 = 1, i.e., it is computed at in-

stant kT + τ̂ , or as a valid sample, when ℓ1 = ℓ2 = 1, i.e., it is computed at instant

kT −T/2+ τ̂ .

Since we assumed a fractional oversampling factor, some samples should be dis-

carded: this occurs when neither the sample at kT + τ̂ nor that at kT −T/2+ τ̂ are

present in the interval [mTs, (m+ 1)Ts] and, as a consequence, the NCO generates

the control signal ℓ2 = 0 to notify the Polyphase MF block that no sample has to be

generated at its output. Note that the control signals ℓ1 and ℓ2 should also be provided

to the TED block, which needs to know if the incoming sample is either optimum or

valid. For the sake of simplicity, this is not reported in Fig. 3.2.

Going into the details of the block diagram in Fig. 3.2, the main features of each

block, i.e., the polyphase filter, the TED, the loop filter and the NCO, are described

hereafter.

3.2.1 Polyphase filter

The role of the polyphase filter is to produce new samples, that we will call inter-

polants in the following, that are aligned with the clock used at the transmitter. At

the core of the polyphase filter subsystem there is a Polyphase MF, which in turn

consists of a bank of parallel sub filters, each having a different time offset. Such a

bank of filters is obtained after polyphase decomposition of an upsampled version

of the matched filter, which leads to an architecture able to simultaneously perform

matched filtering and interpolation [33]. Each of these filters, with L coefficients,
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is used to process the whole content of the shift register, which is then updated by

adding the new incoming sample.

Timing adjustment is performed by interpolating the asynchronous samples at the

output of the ADC, which are denoted by r(mTs), so as to obtain the samples at the

optimal sampling instants, denoted by y(kT + τ̂). The sequence at the output of the

Polyphase MF, denoted by z(mTs), can be thus expressed as

z(mTs) = ℓ2y

[(

k− ℓ1

2

)

T + τ̂

]

. (3.3)

When the k-th interpolant is within the interval [mTs, (m+1)Ts], the sample in-

dex m is called the k-th basepoint index, and is denoted by mk. The optimal sampling

instant exceeds mkTs by some fraction of the symbol time. This fraction is called the

k-th fractional index, and is denoted by µkTs. Therefore, the basepoint index mk iden-

tifies the integer sample closest to the maximum eye opening, and the fractional index

µkTs is the fraction between the basepoint index and the optimal sampling instant,

which can thus be expressed as kT + τ̂ = (mk + µk)Ts. This situation is graphically

depicted in Fig. 3.3.

Therefore, the Polyphase MF requires only two inputs to compute the inter-

polants, namely the basepoint index mk to identify the correct set of the received

samples to use, and the fractional index µk to properly select the coefficients of the

interpolating filter. While the basepoint index mk is not explicitly computed, as it is

identified by flagging the correct set of samples, the fractional index µk is computed

from the timing recovery loop, as we will describe in the following.

3.2.2 TED

The adopted timing loop is based on the non-data-aided (NDA) Gardner algorithm,

which is a TED requiring only two samples per symbol, corresponding to the rate

available at the output of the Polyphase MF. The error signal is given by [34]

e(mTs) = ℜ{y∗ ((k−1/2)T + τ̂) · [y((k−1)T + τ̂)− y(kT + τ̂)]} (3.4)

if (ℓ1, ℓ2) = (0, 1), while it is e(mTs) = 0 otherwise.
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Figure 3.3: Relation between the NCO register and the optimal sampling instant.

3.2.3 Loop Filter

The error signal defined in (3.4) is filtered by a second order proportional-plus-

integrator loop filter to track out the symbol clock frequency offset [35]. The noise

equivalent bandwidth of the filter is a function of the loop filter constants, whose

expression can be found in [29]. The output of the loop filter, denoted by v(mTs),

controls the amount by which the NCO decrements. The loop filter constants are

defined as follows.

The detector gain, which we denote by Kp, is obtained from the S-curve of the

TED, which is computed by an open-loop measurement of the average error signal

conditioned on a fixed value of the timing offset, i.e., S(τ) ≜ E [e(k)|τk = τ]. The

value of Kp is defined as the slope of the S-curve at τ = 0. The loop gain K0, since

the NCO is based on a decrementing counter, is equal to K0 =−1.

The acquisition time and the tracking performance of the symbol timing recovery

loop depend on the normalized noise equivalent bandwidth BnT and on the damping

factor ζ . From these, we can derive the loop constants, which we denote by K1 and
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K2, as follows [29]:

K1 =

4ζ
NKpK0

(

BnT
(

ζ+ 1
4ζ

)

)

1+ 2ζ
N

(

BnT
(

ζ+ 1
4ζ

)

)

+

(

BnT

N
(

ζ+ 1
4ζ

)

)2
(3.5)

K2 =

4
N2KpK0

(

BnT
(

ζ+ 1
4ζ

)

)2

1+ 2ζ
N

(

BnT
(

ζ+ 1
4ζ

)

)

+

(

BnT

N
(

ζ+ 1
4ζ

)

)2
. (3.6)

3.2.4 NCO

The role of the NCO is to provide the Polyphase MF with the k-th basepoint index

mk and the k-th fractional index µkTs, and label the interpolants either as optimum

or valid. The NCO consists in a modulo-1 decrementing counter that is recursively

updated as

η [(m+1)Ts] = η(mTs)−W (mTs) mod 1 , (3.7)

where W (mTs) = 1/N+v(mTs) is the control word available at the output of the loop

filter. The fractional index µkTs is computed each time an underflow of the the NCO

occurs. When the NCO underflows, it also generates the control signals (ℓ1, ℓ2) =

(0, 1) to notify the Polyphase MF that a new optimum sample should be computed.

The sample index is the actual basepoint index mk, while the value of the fractional

index µkTs can be computed from the content of the NCO register at instant mkTs, i.e.

the time instant immediately preceding the interpolation instant (mk + µk)Ts, as can

be seen from Fig. 3.3. From simple geometrical considerations, it follows that [29]

µkTs =
η (mTs)

W (mTs)
. (3.8)
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Figure 3.4: Block diagram for parallel symbol timing recovery with P = 4.

3.3 Parallel Timing Synchronization

In this section, we propose a novel architecture for the parallel timing recovery suit-

able for high speed receivers. The problem of high speed parallel timing synchro-

nization has been widely studied in the literature. In [36], the authors implemented

a parallel Oerder and Meyr (O&M) TED whose architecture, however, requires an

oversampling factor equal to 4, thus demanding considerable hardware resources.

Moreover, the performance analysis was limited to 16QAM, without investigating

higher order modulations. A parallel architecture, designed for optical coherent re-

ceivers, can be found in [31], where the algorithm is tested in the presence of sam-

pling frequency offsets. Therein, only one error signal is exploited by the loop filter,

thus increasing the convergence time.

The block diagram of the proposed architecture is reported in Fig. 3.4, for a par-

allelization factor P = 4. After ADC conversion, with rate 1/Ts, a new sample enters

in a shift register with depth L. With the same rate, a selector extracts all the samples

from the register, and provides them as input to one of the Polyphase MFs. Then,

with rate Ts ·P, the P Polyphase MFs are activated to produce the corresponding in-

terpolants, which are then labeled either as optimum or valid by the NCO.

Note that the samples at the Polyphase MFs outputs are characterized by a rate

equal to 2/T , since the Gardner TED requires two samples per symbol. This is pos-

sible thanks to the introduction of some control signals, similarly to what has been
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described in Sec. 3.2, denoted by ℓ
(p)
1 and ℓ

(p)
2 , and not reported in Fig. 3.4 for the

sake of visual clarity, where the superscript p = 1, . . . ,P identifies the p-th Polyphase

MF.

The control signals are generated by the NCO, as described below, and their pur-

pose is to label each sample at the output of the bank of Polyphase MFs. In particular,

signal ℓ
(p)
1 can take discrete values in the interval [−2, 3]. When ℓ

(p)
2 = 1 and ℓ

(p)
1 is

even, the sample is optimum, when ℓ
(p)
2 = 1 and ℓ

(p)
1 is odd, the sample is valid, while

when ℓ
(p)
2 = 0 the sample at the output of the p-th Polyphase MF is not computed,

regardless of the value of ℓ
(p)
1 . Note that, when ℓ

(p)
1 is negative, the sample at the out-

put of the p-th Polyphase MF will be used in the computation of the error signal at

the next clock cycle. Note that, although this is not explicitly shown in Fig. 3.4 for

the sake of visual clarity, the control signals ℓ
(p)
1 and ℓ

(p)
2 are produced by the NCO

and provided to the p-th Polyphase MF.

The functional blocks are conceptually similar to those in Fig. 3.2, while the

operational differences are further detailed in the points that follow, except for the

loop filter, which is exactly the same as in Sec. 3.2.3.

3.3.1 Polyphase filter

Interpolation is performed by a bank of P parallel Polyphase MFs, designed as de-

scribed in Sec. 3.2.1, which, every Ts ·P, output the corresponding interpolants, that

are then labeled either as optimum or valid by the NCO. The total number of inter-

polants, and therefore of timing estimates, that are computed every Ts ·P, is equal

to the number of optimum and valid samples. The sample at the output of the p-th

Polyphase MF can be expressed as

z(p)(mTs) = ℓ
(p)
2 y

[(

k− ℓ
(p)
1

2

)

T + τ̂

]

, (3.9)

which is identical to Eq. (3.3) in the case p = 1.

We define by Ip = [(m+(p−1))Ts, (m+ p)Ts], with p = 1, . . . ,P, the set of P

intervals in which a new interpolant can be computed. The interpolant in the p-th

interval will be provided by the p-th Polyphase MF.
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When the k-th interpolant is within the p-th interval of Ip, the sample index

[m+(p−1)] is called the k-th basepoint index, and is denoted by m
(p)
k . The optimal

sampling instant exceeds m
(p)
k Ts by some fraction of the symbol time. This fraction

is called the k-th fractional index, and is denoted by µ
(p)
k Ts. Therefore, the basepoint

index m
(p)
k identifies the integer sample closest to the maximum eye opening, and the

fractional index µ
(p)
k Ts is the fraction between the basepoint index and the optimal

sampling instant, which can thus be expressed as [k+(p−1)]T + τ̂ = (m
(p)
k +µ

(p)
k )Ts.

3.3.2 TED

The expression of the error signal depends on the number of optimum samples at

the output of the bank of Polyphase MFs. It turns out that we can have either 1 or

2 optimum samples. In the former case, the error signal is computed as in the se-

rial algorithm, according to Eq. (3.4). In the latter case, instead, the error signal is

computed as

e(mTs) = {ℜ{y∗ ((k−1/2)T + τ̂) · [y((k−1)T + τ̂)− y(kT + τ̂)]}+
ℜ {y∗ ((k−3/2)T + τ̂) · [y((k−2)T + τ̂)− y((k−1)T + τ̂)]}}/2 .

(3.10)

3.3.3 NCO

The NCO consists in a modulo-1 decrementing counter that is recursively updated,

every Ts ·P, according to

η [(m+P)Ts] = η(mTs)−W (mTs) mod 1 . (3.11)

Its role is to provide the p-th Polyphase MF with the k-th basepoint index m
(p)
k and the

k-th fractional index µ
(p)
k , and label the corresponding interpolant either as optimum

or valid. This can be accomplished according to the following steps:

1. Define the following vectors of ordered threshold values: IO ≜ [0.5,0,−0.5],

IV ≜ [0.75,0,25,−0.25,−0.75], and It ≜ 1− 0.25 · t (t = 1, . . . ,7). Odd and

even values of t refer to elements in IV and IO, respectively.
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2. Determine the number of intersections between the NCO register and the hori-

zontal thresholds in It . Define It ′ as the vector containing the elements of It that

intersect the content of the NCO. If an intersection occurs in the p-th interval

of Ip, the NCO generates a control signal ℓ
(p)
2 = 1 to notify the p-th Polyphase

MF that a new sample should be computed. Otherwise, if in the p-th interval

there are no intersections, the NCO will generate a control signal ℓ
(p)
2 = 0 to no-

tify the p-th filter that the corresponding interpolant should not be computed.

Intersections with thresholds in IO and IV are associated to optimum and valid

samples, respectively. The last element of It ′ belonging to IO is associated to

the sample computed at instant kT + τ̂ .

3. For each intersection found at the previous step, compute the timing estimates

µ
(p)
k . From geometrical considerations, it can be seen, for example by looking

at Fig. 3.5, that

W (mTs)

P
=

η(mTs)− It ′

µ
(p)
k

. (3.12)

Thus, the p-th timing estimate can be computed as

µ
(p)
k =

η(mTs)− It ′

W (mTs)
·P . (3.13)

In Figs. 3.5 and 3.6 we report a graphic representation on how to compute the

timing estimates µ
(p)
k and how to assign labels to the samples, for two different sce-

narios. In Fig. 3.5, there are 2 intersections between the NCO and the vector IO, i.e.

2 optimum samples, and 2 intersections between the NCO and the vector IV, i.e. 2

valid samples. Therefore, It ′ = [0.5, 0.25, 0, −0.25] and (ℓ
(1)
1 , ℓ

(2)
1 , ℓ

(3)
1 , ℓ

(4)
1 ) =

(2, 1, 0, −1). In Fig. 3.6, instead, there are 2 intersections with vector IO and 1

intersection with vector IV, i.e. 2 optimum samples and 1 valid sample. Therefore,

It ′ = [0.5, 0.25, 0] and (ℓ
(1)
1 , ℓ

(3)
1 , ℓ

(4)
1 ) = (2, 1, 0). We can see that in the interval

[(m+ 1)Ts, (m+ 2)Ts] there are no intersections between the NCO and the thresh-

olds in It . In this case the NCO will generate a control signal ℓ
(2)
2 = 0, so that the the

second interpolant will not be computed.
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Figure 3.5: Timing estimates computation: 4 intersections corresponding to 2 opti-

mum samples (green) and 2 valid samples (red).

We note that the computation of the timing estimates µ
(p)
k requires a run time

division by W (mTs), as can be seen from (3.13). The control word W (mTs) is a

time varying quantity, since it depends on the output of the loop filter v(mTs). Since

the division by a time varying quantity can create problems in the hardware im-

plementation, we propose a different method to compute the values of µ
(p)
k . Since

v(mTs) is the filtered error signal, it will tend to zero once the loop has converged.

Therefore, we replace W (mTs) with the constant value 2/N, i.e. we assume that

W (mTs) = 2/N + v(mTs)≈ 2/N.

Indicating with µ̃
(p)
k the new timing estimates, equation (3.13) becomes

µ̃
(p)
k =

η(mTs)− It ′

2/N
·P. (3.14)

The relation between µ
(p)
k and µ̃

(p)
k can be derived as follows:

µ
(p)
k =

η(mTs)− It ′

W (mTs)
·P =

η(mTs)− It ′

2
N
+ v(mTs)

·P

=
η(mTs)− It ′

2
4N

·
2
N

2
N
+ v(mTs)

= µ̃
(p)
k · 1

1+ v(mTs)
N
2

≈ µ̃
(p)
k ·

(

1− N

2
· v(mTs)

)

,

(3.15)
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Figure 3.6: Timing estimates computation: 3 intersections corresponding to 2 opti-

mum samples (green) and 1 valid samples (red).

where the last approximation exploits a first order Taylor expansion. In the next sec-

tion, we compare the performance of the proposed parallel architecture with the clas-

sical timing recovery scheme.

3.4 Numerical Results

In this section, we present the numerical results on timing synchronization. We eval-

uate the performance of different STR architectures, in terms of bit error rate (BER),

under different channel conditions. The performance is compared with that achiev-

able by a receiver operating in the absence of timing offset, i.e., τ = 0, denoted as

Ideal in the figures that follow.

We selected three DVB-S2X ModCods (64APSK with rate 128/180, 128APSK

with rate 140/180, and 256APSK with rate 135/180). Other modulation formats with

lower cardinality have also been considered in our analysis, but the corresponding

results will not be reported in this thesis, as the conclusions we can draw from them

are identical to the ones presented here. Moreover, we are interested to focus the

analysis on high order modulations, as they are more susceptible to timing offsets.

We adopt the system model introduced in Section 3.1. We assume perfect carrier

frequency offset compensation before the LDPC decoder, which can be achieved by
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(a) ∆ f T = 0, SCO = 0 ppm.
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(b) ∆ f T = 0.01, SCO = 100 ppm.

Figure 3.7: Comparison between serial and parallel algorithms, floating-point simu-

lations.

fine carrier frequency estimation and compensation. We set the oversampling factor

N = 2.25. A sampling clock offset between the transmitter and the receiver has also

been considered, i.e. N ̸= T/Ts, to simulate the behavior of non ideal oscillators, as

indeed happens in real systems.

Fig. 3.7 shows the BER for serial and parallel timing recovery for different sce-

narios. In Fig. 3.7 (a) only a random timing offset τ is present, i.e., perfect sampling

clock and carrier frequency recovery were assumed. In Fig. 3.7 (b), instead, we con-

sider the presence of a residual carrier frequency offset ∆ f T = 0.01, and a non ideal

sampling clock frequency, i.e. SCO = 100 part-per-million (PPM). For both of these

scenarios, we can observe that both serial and parallel algorithms achieve a perfor-

mance close to the ideal, for all the modulation formats. More importantly, we can

see that the parallel algorithm shows no performance losses with respect to the serial

architecture. Hence, we can conclude that the proposed parallel algorithm achieves

the same performance as the classical serial implementation, for all the considered

scenarios.
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(a) ∆ f T = 0, SCO = 0 ppm.
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(b) ∆ f T = 0.01, SCO = 100 ppm.

Figure 3.8: Comparison between serial and parallel algorithms, floating-point simu-

lations.

The performance of the parallel algorithm reported in Fig. 3.7 has been obtained

using Eq. (3.13) to compute timing estimates µk. We also carried out simulations to

evaluate the performance when the approximation derived in Eq. (3.15) is employed

to compute the values of µk. The corresponding results are reported in Fig. 3.8, and

they show that the approximation in (3.15) is very good in all the tested cases.

3.5 Fixed-Point Analysis

Fixed-point analysis [37] is the process of evaluating how a digital signal process-

ing algorithm behaves when numerical values are represented with a fixed number

bits [38]. Fixed-point analysis is a fundamental step in the design and optimization

of an algorithm, especially when working with embedded systems, real-time appli-

cations, or resource-constrained environments

The main reason for adopting fixed-point representation in digital signal process-

ing algorithms is the efficient use of hardware resources. Many specialized signal pro-
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cessing chips, application specific integrated circuit (ASICs), and field programmable

gate array (FPGAs) utilize fixed-point arithmetic due to its simplicity and resource

efficiency. Understanding how the algorithm performs in a fixed-point representation

is essential to optimize the hardware implementation. For these reasons, we carried

on a fixed-point evaluation of the performance of the proposed algorithms, as it is a

necessary step prior practical implementation of such algorithms.

Fixed-point numbers are represented in terms of word length and fractional length

by defining the total number of bits allocated to represent the number, and how those

bits are divided between the integer part and the fractional part. The word length

(WL) is the total number of bits used to represent the fixed-point number. It includes

both the integer and fractional parts, as well as the sign bit if the representation is

signed. The integer word length (IWL) is the number of bits allocated for the integer

part of the fixed-point number, which represents the whole number portion. It does

not include the sign bit if it is a signed representation. The fractional word length

(FWL) is the number of bits allocated for the fractional part of the fixed-point number,

which represents the fractional or decimal portion. In practice, the word length can be

expressed as the sum of the integer word length and the fractional word length, plus

a possible bit for the sign. By adjusting the values of IWL and FWL, we can control

the precision and range of the fixed-point representation to suit the requirements of a

specific application.

We point out that the fine optimization of the number of bits used for the quantiza-

tion is not the objective of this thesis. Instead, the goal is to verify that, under specific

quantization values, the algorithms do not show quantization losses compared to the

floating-point versions. The number of bits used for the quantization are reported in

Table 3.1, in terms of word length, integer word length and fractional word length, for

different system parameters. These values have been selected considering the range

of representation of the floating-point parameters, and they are realistic and reason-

able for FPGA hardware implementation.

Fig. 3.9 shows the BER curves derived from fixed-point simulations for the iden-

tical systems studied in Fig. 3.7. It is evident from these curves that, within the spe-

cific quantization parameters considered, there are no discernible quantization losses
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Table 3.1: Number of bits used for quantization in terms of WL, IWL and FWL. For

all the parameters, 1 bit for the sign is considered.

Parameter WL IWL FWL

r(mTs) 12 2 9

z(mTs) 13 2 10

h(mTs) 12 2 9

η(mTs) 27 1 25

W (mTs) 20 1 18

e(mTs) 14 3 10

µk 32 3 28

when compared to the floating-point case. As we did for the floating-point analysis,

we also evaluated the fixed-point performance of the approximation in Eq. (3.15). The

corresponding results are reported in Fig. 3.10, and also in this case we can conclude

that this approximation works well for all the tested cases.

3.6 Conclusions

We proposed a new closed-loop symbol timing synchronization scheme suitable for

high data rates digital receivers. We started the design from a serial timing recovery

loop, deriving an equivalent low-complexity parallel architecture. The most impor-

tant feature of the proposed approach is that it utilizes a single NCO, unlike existing

parallel schemes in the literature. The algorithms performance was assessed in terms

of BER, in the presence of both a residual carrier frequency offset and a sampling

clock offset, for different DVB-S2X ModCods. To evaluate the effectiveness of our

approach, we performed numerical simulations to compare serial and parallel imple-

mentations. Our results indicate that, across all tested scenarios, the proposed parallel

algorithm consistently matches the performance of the original serial implementa-
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(b) ∆ f T = 0.01, SCO = 100 ppm.

Figure 3.9: Comparison between serial and parallel algorithms, fixed-point simula-

tions.

tion. In addition, we also conducted fixed-point simulations to examine the impact

of quantization, to assess potential hardware implementation limitations. Our find-

ings demonstrate that, under realistic quantization settings, the performance of the

algorithm remains identical to that achieved with floating-point simulations.
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Figure 3.10: Comparison between serial and parallel algorithms, fixed-point simula-

tions.





Chapter 4

Phase Noise Compensation

Phase noise is one of the major channel impairments in digital communications. It

can arise from instabilities of local oscillators [39], either at the transmitter or at the

receiver, and can significantly degrade the system performance. For this reason, PN

effects have been widely studied in the literature [40, 41, 42, 43, 44]. The effects of

phase noise become more and more critical as the modulation order increases. PN

causes random phase rotations in the transmitted carrier signal. These phase varia-

tions affect the precise positioning of the constellation points. In APSK, the points

are distributed both in a circular and radial pattern. Phase noise can cause random

phase rotations, leading to symbol misinterpretation, as can be seen from Fig. 4.1. In

this chapter, we focus our analysis on phase noise recovery for high order modula-

tions, as the ones proposed in DVB-S2X. We compare the performance achievable by

different algorithms, for different channel scenarios. Then, we also propose a simple

parallel architecture that can be used in high speed applications, and we compare its

performance with that of classical serial schemes.
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Figure 4.1: Phase noise effect on 256APSK.

4.1 System Model

In this section, we investigate estimation techniques to compensate the effect of phase

noise. Let the discrete time received signal be expressed as

rk = ake jθk +nk , (4.1)

where ak is the transmitted symbol, θk is the phase noise sample, and nk is a complex

additive white Gaussian noise noise sample. We adopt the same system model as in

Chapter 3. We assume that the timing offset τ has been perfectly recovered by the

STR block, as well as possible effects of SCOs.

We consider a scenario where the phase estimator operates on a sequence where

36 pilots symbols have been periodically inserted every 1440 information symbols,

as specified by the DVB-S2X standard [4]. The number of information symbols is set

such that an integer number of pilot blocks can be inserted in each transmitted packet.

Therefore, each packet starts and terminates with a block of 36 pilots symbols.

First, a Data Aided (DA) coarse phase estimation is performed exploiting the
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LUT

Symbol
decision

Loop filter

Figure 4.2: Block diagram for DD-PLL phase noise compensation.

pattern of known pilots. The phase estimate is computed as

θ̂k = arg

(

∑
i

ri p
∗
i

)

, (4.2)

where the index i spans over the entire block of pilots, and pi identifies the i-th pilot

symbol. Once coarse estimates are available, linear interpolation between two con-

secutive estimated phases is performed. Then, samples rk are de-rotated to obtain the

new sequence r̃k = rke(− jθ̂k). We call this first strategy as Linear interp. in the follow-

ing figures. In order to improve the phase noise compensation, a Decision Directed

(DD) Phase Locked Loop (PLL) is then employed over the de-rotated samples r̃k.

Then, an error signal is generated as

ek = ℑ

{

r̃ke− jθ̂k â∗k
}

. (4.3)

The block diagram for DD-PLL phase recovery is reported in Fig. 4.2 [29]. To cope

with a possible residual carrier frequency offset after coarse frequency synchroniza-

tion, a second order PLL is employed. We denote this second approach as Linear

interp. + PLL in the following figures.

In Fig. 4.3 we report the block diagram for parallel phase noise recovery, for a

parallelization factor P = 4. The received samples, after serial to parallel conversion,

are processed in parallel at a slower clock rate. At each clock cycle, P samples enter

the feedback loop. All the P parallel samples are de-rotated using the same phase
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estimate θ̂k. The expression for the p-th error signal can be expressed as

ek,p = ℑ

{

r̃k−pe− jθ̂k â∗k−p

}

p = 0 . . .P−1 , (4.4)

where r̃k−p and â∗k−p are the p-th received sample and the p-th symbol decision,

respectively. At each clock cycle, P error signals are computed and then combined

together to form a single error which controls the feedback loop, defined as

Ek =
1

P
∑
p

ek,p . (4.5)

LUT

Symbol
decision

S/P

Symbol
decision

Symbol
decision

Symbol
decision

Loop filter

Figure 4.3: Block diagram for DD-PLL parallel phase noise estimation, P = 4.

4.2 Synchronization Strategies

Since the effects of phase noise are more critical for high order modulations, in our

analysis we considered 128APSK and 256APSK modulations with LDPC codes fore-

seen by the DVB-S2X standard [4]. In particular, we used LDPC codes with rate

equal to 140/180 and 135/180 for 128APSK and codes with rate equal to 128/180,

and 135/180 for 256APSK.

For the sake of completeness, we also considered a scenario where the entire

sequence of transmitted symbols is assumed to be fully known at the receiver. Even
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Freq. 10 Hz 100 Hz 1 KHz 10 KHz 100 KHz 1 MHz 10 MHz 100 MHz

PN 1 −50 −58 −71 −77 −97 −121 −140 −150

PN 2 −49.5 −57.3 −70 −76.6 −95.1 −118.7 −137.9 −149.1

PN 3 −49.1 −56.5 −69 −76.3 −93.2 −116.5 −135.8 −148.2

PN 4 −48.6 −55.8 −68 −75.9 −91.3 −114.2 −133.7 −147.3

PN 5 −48.2 −55.1 −67 −75.5 −89.4 −111.9 −131.6 −146.3

PN 6 −47.7 −54.4 −66 −75.2 −87.5 −109.6 −129.5 −145.5

PN 7 −47.3 −53.6 −65 −74.8 −85.5 −107.4 −127.5 −144.5

PN 8 −46.8 −52.9 −64 −74.5 −83.6 −105.1 −125.4 −143.6

PN 9 −46.4 −52.2 −63 −74.1 −81.7 −102.8 −123.3 −142.7

PN 10 −45.9 −51.5 −62 −73.7 −79.8 −100.5 −121.2 −141.8

PN 11 −45.5 −50.7 −61 −73.4 −77.9 −98.3 −119.1 −140.9

PN 12 −45 −50 −60 −73 −76 −96 −117 −140

Table 4.1: Tested phase noise power spectral densities.

if this is an ideal scenario not suitable for realistic applications, it gives us a lower

bound of the performance achievable by a generic phase noise estimator. We will call

this approach DA. The performance of all these proposed strategies will be compared

with that achievable by a receiver operating in the absence of phase noise, which we

denote as ideal.

The phase noise power spectral densities that we used for the simulations are

reported in Tab. 4.1, and some of them are reported in Fig. 4.4. The phase noise is de-

scribed by masks, that specify the frequencies and the maximum acceptable PN level

at those frequencies, expressed in dBc/Hz, that guarantee the target performance. The

phase noise masks that we considered in our analysis are similar to the ones suggested

in [4], making them suitable to assess phase noise recovery algorithms in practical

scenarios. The best phase noise mask is indicated with index 1, while the worst masks

has index 12. For each phase noise mask, we computed the gap in dB at a BER = 10−4

between the case under test and the ideal receiver.
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Figure 4.4: Power spectral densities for different phase noise masks.

4.3 Numerical results

We evaluate the performance of each algorithm by computing the gap, at a BER =

10−4, from the ideal scenario which assumes perfect phase compensation. The PLL

parameters have been properly optimized to minimize the BER.

In Figs. 4.5 and 4.6 we report the results obtained for 256APSK modulation with

code rate 128/180 and 135/180, respectively, for different phase noise masks. As ex-

pected, we can see that the DA estimator achieves the best performance, minimizing

the gap from the ideal case. For all the tested ModCods, we can observe that the DD

PLL does not work properly. In fact, we can see that the same gap is obtained as for

the case where only the linear interpolator is used. The same considerations hold for

the results obtained for 128APSK modulation with code rate 140/180 and 135/180,

which are reported in Fig. 4.7 and 4.8, respectively. For all the tested ModCods, the

gap from the ideal receiver is below 1 dB, for all the tested power spectral densities.

All the results presented so far in this chapter refer to a scenario where phase re-

covery has been performed assuming perfect timing synchronization. We now eval-
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Figure 4.5: 256APSK rate 128/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms.

uate the performance of an overall system composed by the concatenation of the

parallel STR scheme presented in Chapter 3 and the PN recovery block adopting the

different strategies presented in this chapter. This analysis is carried on to evaluate

possible implementation losses due to the concatenation of the two blocks.

We recall that in our analysis we assumed that the signal at the input of the STR

block has a fractional oversampling factor, equal to N = 2.25. A rate conversion to an

integer oversampling factor is performed by the STR through the NCO, as described

in Section 3.2. For this reason, the results presented so far in this chapter are obtained

assuming an integer oversampling factor, since this is the scenario at the output of the

timing synchronizer.

The results obtained considering the concatenation of the STR and the phase

recovery loop are reported, with dashed lines, in Fig. 4.9, for the case where no chan-

nel impairments, except for a timing offset τ ̸= 0, are present, and in Fig. 4.10, for

the case where both a SCO and frequency offset are present. We point out that in

this analysis, where we considered the concatenation of timing recovery and phase

estimation, only a coarse optimization of the PLL parameters has been conducted.

Observing the figures, we can see that the same gaps are obtained in the two dif-
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Figure 4.6: 256APSK rate 135/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms.

ferent scenarios. This confirms the fact that the proposed parallel STR works well

in different channel scenarios, as we proved in Chapter 3 through BER analysis. In

Figs. 4.9 and 4.10, for the sake of completeness, we also report, with solid lines,

the gaps reported in Fig. 4.5, i.e. that achieved in a scenario where perfect timing

synchronization was assumed. We point out that in this analysis, instead, a fine PLL

parameters optimization was considered. Looking at the figures, we note that only a

small difference, below 0.2 dB, can be seen for the worst phase noise masks, i.e. PN

with indexes 11 and 12, in favour of the scenario depicted in Fig. 4.5

4.4 Alternative PN generation

In [45] an analytical model for the power spectral density (PSD) of the phase noise

described by few parameters that are explicitly linked to the oscillator measurements

is presented. The model has been used to successfully represent the PN typical of

modern communication systems, among which phase noise specified in DVB-S2X

standard. We performed the same analysis presented in the previous section, generat-

ing the PN samples according to the model presented in [45]. The results reported in
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Figure 4.7: 128APSK rate 140/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms.

Fig. 4.11 show the same performance as those reported in Fig. 4.5, but obtained with

a different generation of the phase noise samples. By comparing the two figures, we

can conclude that almost identical results are obtained in the two cases. We point out

that in Fig. 4.5 a fine optimization of the PLL parameters has been done, while for the

results in Fig. 4.11 only a coarse optimization of the PLL parameters has been per-

formed. Despite this, almost the same gaps from the ideal receiver can be achieved.

4.5 Conclusions

In this chapter, we addressed the problem of phase noise compensation in high or-

der ModCods. As we did for the timing synchronization in Chapter 3, starting from

the standard serial architecture [28], we proposed an equivalent parallel scheme suit-

able for high speed receivers. We evaluated the performance of different algorithms,

focusing on high order ModCods foreseen by DVB-S2X standard and comparing

different phase noise spectral densities. We showed that the best approach to achieve

phase synchronization is obtained by performing linear interpolation between two
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Figure 4.8: 128APSK rate 135/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms.

consecutive phases estimated over pilot fields according to Eq. (4.2). This method

achieves very good performance for all the tested scenarios. Then, to verify a possi-

ble performance improvement, we also considered the scenario where a DD-PLL is

employed in cascade of the linear interpolator. The results show that the PLL does

not contribute to enhance the performance with respect to the case where only the

linear interpolation is used.
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(a) Serial (b) Parallel

Figure 4.9: 256APSK rate 128/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms. ∆ f T = 0, SCO = 0 ppm. Perfect timing synchronization is as-

sumed for solid lines, while it is NOT assumed for dashed lines.

(a) Serial (b) Parallel

Figure 4.10: 256APSK rate 128/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms. ∆ f T = 0.01, SCO = 100 ppm. Perfect timing synchronization is

assumed for solid lines, while it is NOT assumed for dashed lines.
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Figure 4.11: 256APSK rate 128/180, gaps from ideal receiver for (a) serial and (b)

parallel algorithms. Phase noise generated using the alternative method.



Chapter 5

Constellation Design for

Nonlinear Channels

High power amplifiers (HPA) are key components of many communication systems

to ensure that the signals can keep a sufficient power level to reach their destina-

tion. As they represent the most power-intensive components in the entire transceiver

chain, it is crucial to maximize their efficiency. This implies driving them as close

to saturation as possible, even though this is also the region in which the amplifier

characteristics exhibit the highest level of nonlinearity. Therefore, addressing this

problem is of great importance, given the widespread adoption of power amplifiers in

various contemporary communication scenarios and applications, including wireless

and satellite links.

The problem of nonlinear power amplifiers has been widely studied, and multi-

ple solutions have been proposed to mitigate the effects of the nonlinearity. The most

commonly used refers to digital predistortion [46], which consists in the computa-

tion, by means of a training phase, of a new constellation to be used in transmission,

in place of the real one. This solution, for example, is used in several satellite com-

munication scenarios [47]. Signal predistortion is another option, feasible when it

can be applied directly before the nonlinear amplifier, which works directly on the

samples of continuous-time signals, rather than on the transmitted symbols [48, 49].
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The two predistortion approaches can also be combined to further improve the per-

formance [49].

Another approach to mitigate nonlinear effects is to properly design a constella-

tion which, when used on a channel affected by a nonlinearity, is more robust to dis-

tortion with respect to conventional constellation formats, such as QAM. Novel con-

stellation designs have been historically proposed often to improve the performance

of communication systems [50] or to combat different channel effects, such as, for

example, phase noise [51, 52]. Regarding nonlinear channels, satellite communica-

tion standards such as the digital video broadcasting, DVB-S2 [1] and its extensions

DVB-S2X [4], foresee the use of APSK constellations, which have been designed to

achieve satisfactory performance on typical nonlinear satellite channels [53]. In [54],

the authors proposed a design, based on a simulated annealing algorithm, to maxi-

mize the pragmatic capacity, by jointly optimizing the position of the points and the

bits-to-symbols mapping. In [55], a nonlinear mapping method has been proposed

to design non equiprobable constellations for nonlinear satellite channels. An inter-

esting APSK design has been proposed in [56], which is not specifically thought for

nonlinear channels, but it relies on the choice of a single parameter to build the whole

constellation.

Although effective, most of the design methods proposed in the literature suf-

fer from a large complexity to obtain satisfactory performance. For instance, when

considering high order APSK modulations, multiple parameters should be jointly

optimized, such as the number of points on each circle, the radii of the rings and the

phases of points on each ring, in order to achieve good performance, resulting in a

complex optimization procedure. Even constraining the constellation to be symmet-

ric, the number of parameters is still large, especially when the size of the constel-

lation increases. Other optimization algorithms, whose complexity is usually high,

often produce unstructured or asymmetric constellations, which are not suitable for a

reduced complexity detection or a high speed hardware implementation. These draw-

backs become more and more significant when the size of the constellation grows

large. The DVB-S2X standard proposes APSK constellations with up to 256 points

for high throughput applications. Indeed, high order constellations offer a potential
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IMUX HPA OMUX +

Satellite transponder

Figure 5.1: Block diagram of the satellite transponder.

solution to meet the growing demand for high data rates and spectral efficiency over

bandlimited channels, but they are also the most sensitive to channel impairments.

As such, it is of critical importance to develop new high order constellation design

methods, ensuring good performance and a low design and detection complexity.

Recently, the design of spiral constellations for channels affected by PN has been

considered in [52], where the constellation depends on a single parameter to be op-

timized, thus leading to a much simpler optimization procedure with respect to other

works available in the literature.

Inspired by the design of [52], in this chapter we consider the design of spiral

constellations for nonlinear channels. The proposed method relies also in this case

on the optimization of a single parameter, as we will see in the next section, thus

allowing a significantly lower complexity with respect other approaches.

Fig. 5.1 reports the block diagram of a typical satellite transponder, including an

input multiplexer (IMUX) filter, which removes the adjacent channels interference, a

HPA, and an output multiplexer (OMUX) filter aimed at reducing the spectral broad-

ening caused by the nonlinear amplifier. For the sake of simplicity, for our proposed

design method, we consider a simplified transponder model, not including IMUX and

OMUX, and adopting an ideal nonlinearity, whose input-output relationship can be

described by

s(t) =







x(t) if |x(t)| ≤ 1

1 otherwise.
(5.1)

This is clearly an approximation of more complex channel models, but sufficient to

understand the behavior of the proposed constellations in nonlinear environments.

Let us consider the following system model. The complex envelope of the signal
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at the input of the satellite transponder can be expressed as

x(t) = ∑
k

ak p(t − kT ) , (5.2)

where {ak} is a symbol belonging to the adopted constellation, p(t) is the shaping

pulse, assumed to have a RRC spectrum with roll-off factor α = 0.25, T is the symbol

interval, and w(t) is a complex white Gaussian noise process. The received signal has

expression

r(t) = s(t)+w(t) , (5.3)

where s(t) is the signal at the output of the OMUX filter and w(t) is Gaussian noise

with power spectral density N0.

5.1 Spiral Constellation Design

The proposed constellation construction is based on the observation that the nonlin-

earity affects more severely symbols with higher magnitude [57]. This effect can be

visualized through the constellation scatter diagrams. In Fig. 5.2, the scatter diagram

for a 64QAM transmitted through a nonlinear channel with large SNR is reported.

The received samples (in blue) form clouds which are stretched in the radial direc-

tion and tend to become larger as the magnitude of the transmitted points increases.

For this reason, a good constellation for nonlinear channels should be such that adja-

cent symbols in the radial direction have increasing distance for increasing magnitude

of the symbols.

An Archimedean spiral is defined by the following equation

s(t) = te jt , (5.4)

and it has the property that consecutive spiral laps have the same distance from each

other. In order to increase the distance between consecutive laps, as required for a

nonlinear channel, we propose to place the constellation points along the following

spiral

s(t) = tne jt , (5.5)
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Figure 5.2: Effect of a nonlinearity on a 64QAM.

for n > 1. The radial distance between two consecutive laps of the above spiral is in

fact an increasing function of the magnitude of the spiral. In particular, for n = 2, the

distance increases with the square root of the modulus of the spiral. To show this, we

define by Dr(t) the radial distance between consecutive laps and compute it in the

case n = 2

Dr(t) = |(t +2π)2 − t2|= (2π)2 +4π
√

|s(t)| . (5.6)

In general, for n > 1, the distance increases with |s(t)| n−1
n . Notice that, for n = 1, we

obtain the Archimedean spiral, whose points in consecutive laps have constant radial

distance.

We propose to place the constellation points along the spiral according to the

following rule

cm = tn
me jtm , m = 1, . . . ,M , (5.7)

where M is the cardinality of the desired constellation and t1 < t2 < .. . < tM. In the
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following, we describe how to choose the parameters tm. The idea is to choose an

expression for tm that guarantees that the distance between two consecutive points

along the spiral is approximately equal to a constant D, that is

D = |cm+1 − cm| , m = 1, . . . ,M . (5.8)

We replace (5.7) into (5.8) and obtain

|tn
m+1e jtm+1 − tn

me jtm |= D , (5.9)

tn
m+1

∣

∣

∣1−
( tm

tm+1

)n

e j(tm−tm+1)
∣

∣

∣= D . (5.10)

We assume that |tm − tm+1| ≪ 1 and use the approximations e j(tm−tm+1) ≃ 1+ j(tm −
tm+1) and tm/tm+1 ≃ 1 to obtain

tn
m+1

∣

∣

∣
− j
( tm

tm+1

)n

(tm − tm+1)
∣

∣

∣= D , (5.11)

tn
m(tm+1 − tm) = D , (5.12)

and finally we have the recursive expression for tm+1

tm+1 = tm +
D

tn
m

. (5.13)

If we equivalently define D as

D = |cm − cm+1| , m = 1, . . . ,M , (5.14)

following the same steps, we get

tn+1
m+1 − tn

m+1tm −D = 0 , (5.15)

and from this expression, assuming t0 = 0, we can find a value for t1

t1 = D
1

n+1 . (5.16)

The spiral is defined by the parameter D, that we can choose as the one that maxi-

mizes the information rate (IR) or the pragmatic IR, as we will explain in the follow-

ing section.
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5.2 Performance Metrics

This section provides an overview of the figures of merit that will be utilized to assess

the proposed constellations. The first performance metric that we will consider is the

achievable information rate (AIR), which is defined as

I(x;y) = lim
K→∞

1

K
E

[

log2

p(y|x)
∑x

′ p(y|x′)P(x′)

]

[ bits / ch.use ] , (5.17)

where E[·] denotes the expectation operator, p(y|x) is the channel PDF and P(x′) is

the probability distribution of the transmitted symbols, assumed equal to 1/M. The

AIR can be interpreted as the average mutual information per transmitted symbol and

thus represents the maximum amount of information bits per each transmitted symbol

that can be reliably sent on the channel with the selected input alphabet. To achieve

the highest information rate using the proposed spiral constellation, it is essential to

appropriately optimize the parameter D. We consider the following optimization

D∗ = argmax
D

I(D) , (5.18)

where I is computed as in (5.17), in which we have explicitly shown the dependence

on the adopted constellation, defined by the parameter D.

An alternative theoretical measure is given by the pragmatic IR [58, 59], which

represents an upper bound to the IR achieved by a practical ModCod. As suggested

by the name, in this case the receiver follows a pragmatic approach, in the sense

that it does not perform iterations between detector and decoder. The pragmatic IR

depends on the adopted bit-to-symbol mapping, which determines how transmitted

bits are mapped on the complex constellation symbols.

Commonly used constellations, such as PSK and QAM, implement Gray map-

ping, which guarantees that adjacent symbols differ by a single bit. APSKs usually

adopt a quasi Gray mapping [4]. When the constellation does not have a regular struc-

ture, instead, the mapping must be determined through optimization, possibly jointly

with the constellation points [54]. As an example, in [52] different mapping schemes

for spiral constellations have been proposed. For the constellation design presented

here, we chose to adopt a mapping which is Gray along the spiral, meaning that each



82 Chapter 5. Constellation Design for Nonlinear Channels

-1.5 -1 -0.5 0 0.5 1 1.5

In-Phase

-1.5

-1

-0.5

0

0.5

1

1.5

Q
u

a
d

ra
tu

re

000000

000001

000010

000011

000100

000101
000110

000111
001000

001001

001010

001011

001100

001101
001110

001111

010000

010001

010010 010011

010100

010101

010110

010111

011000

011001011010
011011

011100

011101

011110

011111

100000

100001

100010 100011

100100

100101

100110

100111

101000

101001

101010

101011

101100

101101

101110

101111
110000

110001

110010

110011

110100

110101

110110

110111

111000

111001

111010

111011 111100

111101
111110 111111

Figure 5.3: Adopted Gray mapping for the proposed spiral constellation with M = 64

and D = 142.

symbol differs by only one bit with respect to the previous and next symbols along

the spiral. The rationale of this choice derives from the already mentioned character-

istics that the distance between spiral laps increases with the magnitude. Hence, the

most probable mistakes occur between adjacent symbols. An example of the adopted

mapping is shown in Fig. 5.3 for a spiral with M = 64 and D = 142. Also in this

case, an optimization of the parameter D is performed as in (5.18), with the function

I replaced by the pragmatic IR. As a final performance measure, we will consider the

packet error rate (PER) of coded transmission using the LDPC codes proposed in the

DVB-S2X standard [4].
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Figure 5.4: Achievable information rate for constellations with M = 64.

5.3 Numerical Results

In this section, we report numerical results obtained with the designed spiral con-

stellation. We consider constellations with size M = 64 and 256, and compare differ-

ent modulation formats, namely classical QAMs, APSKs foreseen by the DVB-S2X

standard [4], the APSKs with Gray mapping proposed in [56], and the spiral constel-

lations proposed for phase noise channels in [52].

Figs. 5.4 and 5.5 report the achievable IR for constellations with M = 64 and 256

points, respectively. For the proposed spirals, the parameter D has been selected to

maximize the performance, as described in Section 5.2. For the spiral constellations

of [52], the parameter fs has been optimized as described in [52], and also for Gray

APSKs we selected the optimal number of circles. Moreover, for all modulation for-

mats, we optimized the input back-off of the amplifier. All curves in this section are

reported as a function of the ratio between the saturation power of the nonlinear am-

plifier and the noise power, P/N. We notice that the proposed spirals ensure good

achievable IR gains with respect to all the considered alternatives. These gains in-

crease as the ratio P/N increases, and become more significant, in the order of 2-3

dB, for larger constellation size.
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Figure 5.5: Achievable information rate for constellations with M = 256.

Figs. 5.6 and 5.7 show the pragmatic IR for the same cases already considered.

The conclusions we can draw are similar, however the gains ensured by the pro-

posed spirals are slightly reduced. This is because, as mentioned, the proposed bit-

to-symbol mapping is not optimal. However, the gains are still significant, especially

for M = 256 and medium-high P/N values.

Finally, in Figs. 5.8 and 5.9, we report the PER using three LDPC codes selected

from the DVB-S2X standard, namely those with rates r = 3/4, 5/6, and 9/10 for

M = 64 and 256, respectively. The parameter D of the spiral and the IBO are selected

as those maximizing the pragmatic IR. We notice that these results clearly correspond

to those foreseen by Figs. 5.6 and 5.7. For M = 64, we notice that the proposed spiral

can be convenient only at very high code rates, while more interesting results can

be observed for M = 256. In fact, for the code with rate 3/4, which corresponds

to an achieved IR equal to r log2(M) = 6 bit/ch. use, Gray APSK is only slightly

better than the proposed spiral. For the higher code rates, instead, corresponding to an

achieved IR of 6.67 and 7.2 bit/ch. use, respectively, spirals ensure increasing gains

with respect to Gray APSKs. In particular, for code rate r = 9/10, we observe a gain

of about 1.5 dB. We also note that QAM and DVB-S2X APSK are unable to converge

for r = 9/10 (the corresponding curves are not shown in the figure). To conclude, in
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Figure 5.6: Pragmatic information rate for constellations with M = 64.
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Figure 5.7: Pragmatic information rate for constellations with M = 256.
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Figure 5.8: Packet error rate for constellations with M = 64.

Fig. 5.10 we report the spirals for M = 256 corresponding to the optimum values of

the parameter D, for rates r = 5/6 and r = 9/10.

5.4 Conclusions

In this chapter, we address the problem of nonlinear effects, which is typical of com-

munication links where HPAs are used, such as satellite or optical links. We propose

the design of spiral constellations suitable for channel impaired by nonlinear effects.

Such constellations rely on the optimization of a single parameter, which allows a sig-

nificant complexity reduction with respect other approaches. We demonstrated that,

compared to other modulation formats, they ensure good performance, especially

when considering large constellation size and high SNR.
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Conclusions

In this thesis, we addressed the design of advanced algorithms for synchronization

and parameter estimation in spectrally efficient satellite communications. The ob-

jective of this work is to propose new solutions to mitigate channel impairments that

typically affect digital communication systems, and to compare them with established

strategies from the existing literature.

We started by considering the problem of the PLH decoding in the DVB-S2X

standard, since its accurate decoding is a crucial step after frame synchronization. We

first considered an alternative approach to design variable length PLHs codes, that can

be easily integrated in the DVB-S2X scenario, allowing greater flexibility. Then, we

presented some novel techniques that can be applied in the decoding of PLH fields

with unknown length. In Chapter 2, we demonstrated that such techniques achieve

very good performance, and they can be used effectively adopted as valid alternatives

to those provided in the standard.

Then, we addressed the problem of symbol timing synchronization, since the sig-

nal after frame synchronization could still be affected by a residual timing offset τ .

In particular, we proposed a new closed-loop low-complexity parallel symbol tim-

ing synchronization scheme suitable for high data rates digital receivers, that can be

easily implemented in hardware. In fact, it requires only a single NCO, as we have de-

scribed in Chapter 3, unlike typical approaches proposed in the literature. We verified

by numerical simulations that the proposed architecture allows to achieve the same

performance as classical STR schemes, without any losses due to the parallelization,

under different channel conditions. In addition, we also conducted a fixed-point per-
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formance evaluation, whose details are reported in Section 3.5, in order to validate

the algorithm prior to a possible hardware implementation.

A similar analysis on the design of parallel algorithms has been conducted in

Chapter 4, where we considered the effects that high order modulations suffer on

channels affected by phase noise. We proposed a simple parallel scheme to mitigate

phase noise effects which is suitable for high speed receivers. Different strategies

have been compared, under different phase noise power spectral densities, for differ-

ent DVB-S2X ModCods.

Finally, we have addressed channels impaired by nonlinear effects. A design of

spiral constellations has been proposed which, unlike the approaches presented in the

literature, allows a simpler optimization of the constellation parameters, as detailed

in Chapter 5. We have then proved, through numerical simulations, that the proposed

constellations can achieve very good results, considering different performance met-

rics.



Appendix A

ModCods performance on the

AWGN channel

In this appendix, we show the Quasi Error Free (QEF) DER = 10−5 thresholds for all

the simulated ModCods, which are taken from [4].

Table A.1: DVB-S2X ModCods performance over AWGN channel.

ModCod Spectral Efficiency [bit/symbols] Ideal EsN0 [dB]

QPSK 2/9 0.434841 -2.85

QPSK 13/45 0.567805 -2.03

QPSK 9/20 0.889135 0.22

QPSK 11/20 1.088581 1.45

8APSK 5/9-L 1.647211 4.73

8APSK 26/45-L 1.713601 5.13

8APSK 23/36 1.896173 6.12

8APSK 25/36 2.062148 7.02

8APSK 13/18 2.145136 7.49

16APSK 1/2-L 1.972253 5.97

Continued on next page
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Table A.1 ± Continued from previous page

ModCod Spectral Efficiency [bit/symbols] Ideal EsN0 [dB]

16APSK 8/15-L 2.104850 6.55

16APSK 5/9-L 2.193247 6.84

16APSK 26/45 2.281645 7.51

16APSK 3/5 2.370043 7.80

16APSK 3/5-L 2.370043 7.41

16APSK 28/45 2.458441 8.10

16APSK 23/36 2.524739 8.38

16APSK 2/3-L 2.635236 8.43

16APSK 25/36 2.745734 9.27

16APSK 13/18 2.856231 9.71

16APSK 7/9 3.077225 10.65

16APSK 77/90 3.386618 11.99

32APSK 2/3-L 3.289502 11.10

32APSK 32/45 3.510192 11.75

32APSK 11/15 3.620536 12.17

32APSK 7/9 3.841226 13.05

64APSK 32/45-L 4.206428 13.98

64APSK 11/15 4.338659 14.81

64APSK 7/9 4.603122 15.47

64APSK 4/5 4.735354 15.87

64APSK 5/6 4.933701 16.55

128APSK 3/4 5.163248 17.73

128APSK 7/9 5.355556 18.53

256APSK 29/45-L 5.065690 16.98

256APSK 2/3-L 5.241514 17.24

256APSK 31/45-L 5.417338 18.10

256APSK 32/45 5.593162 18.59

Continued on next page
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Table A.1 ± Continued from previous page

ModCod Spectral Efficiency [bit/symbols] Ideal EsN0 [dB]

256APSK 11/15-L 5.768987 18.84

256APSK 3/4 5.900855 19.57
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